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PREFACE:

HIGH SPEED DESIGN TECHNIQUES n
An understanding of these building

High speed integrated circuits,
both analog, digital, and mixed-signal
are used in all types of electronic equip-
ment today. This book examines high
speed linear ICs both from the theoreti-
cal and practical application point of
view.

Figure P.1 shows some of the
typical applications for high speed
integrated circuits by market segment.
Many applications can be filled using
standard linear IC products, while
others may be better served with
specially designed chipsets (see Figure
P.2).

All of these high speed linear ICs
depend upon a broad base of high speed
core competencies shown in Figure P.3.
Analog Devices has been a leader in
real-world signal processing for over 30
years and has the required expertise in
each critical competency area. Regard-
less of how complex or highly inte-
grated mixed-signal ICs may become,
there is no escaping the requirement
for these basic building blocks.

PREFACE

blocks is required for the customer to
successfully specify, select, and apply
new high speed products at the system
level. While a detailed knowledge of the
internal circuits is not required, an
overall understanding of the operation
of the devices is critical to success.

This book is not intended to be a
system design manual. Instead, it
covers the theory and application of
many high speed analog signal process-
ing building blocks such as amplifiers,
ADCs, DACs, etc. System applications
are presented when they are of broad
general interest or illustrate emerging
market trends.

The proper application of high
speed devices also requires a thorough
knowledge of good hardware design
techniques, such as simulation,
prototyping, layout, decoupling, and
grounding. The last section in the book
focuses on these issues as well as EMI
and RFI design considerations.

P-1
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HIGH SPEED PRODUCTS: TYPICAL APPLICATIONS

VIDEO IMAGING COMMUNICATIONS INSTRUMENTATION
4 Cameras 4 Medical ¢ Cellular: # Oscilloscopes
Broadband
Narrowband
¢ Mixing 4 Scanners | ¢ Direct Broadcast 4 Spectrum
Satellite Analyzers
# Distribution 4 Copiers 4 Hybrid Fiber Coax | ¢ Frequency
(HFC) Synthesizers
¢ Video ¢ Lasers ¢ CATV 4 Automatic Test
Conferencing Equipment
¢ Displays ¢ CCD 4 ADSL/HDSL #Data Acquisition
& MPEG Systems | #Radar/Sonar | ¢ Data Recovery and
Retiming
Figure P.1

ADI HIGH SPEED INTEGRATED / CHIPSET SOLUTIONS

B Cellular Communications: GSM, DECT,
AMPS, PCS, etc. (Handsets and Basestations)

ADSL/HDSL

CCD Imaging

Video Signal Processing (MPEG, etc.)

Fiber Optic and Disk Drive Data Recovery

Direct Broadcast Satellite Receivers

High Speed Modems

Multimedia Sound and Video Processing

Figure P.2




PREFACE

CORE COMPETENCIES: "DC TO LIGHT" ﬂ

B Amplifiers:
Op Amps, VCAs, PGAs, Log Amps,
Sample-and-Hold Amplifiers

Switches and Multiplexers
Analog-to-Digital Converters (ADCs)
Digital-to-Analog Converters (DACs)

Analog Signal Processing
Multipliers, RMS-DC Converters, etc.

RF/IF Signal Processing
DSP

Figure P.3
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SECTION 1

HicH SPEED OPERATIONAL AMPLIFIERS

HIGH SPEED OPERATIONAL AMPLIFIERS

Walt Kester

INTRODUCTION

High speed analog signal processing
applications, such as video and commu-
nications, require op amps which have
wide bandwidth, fast settling time, low
distortion and noise, high output cur-
rent, good DC performance, and operate
at low supply voltages. These devices
are widely used as gain blocks, cable
drivers, ADC pre-amps, current-to-
voltage converters, etc. Achieving
higher bandwidths for less power is
extremely critical in today’s portable
and battery-operated communications
equipment. The rapid progress made
over the last few years in high-speed
linear circuits has hinged not only on
the development of IC processes but
also on innovative circuit topologies.

The evolution of high speed processes by
using amplifier bandwidth as a function
of supply current as a figure of merit is
shown in Figure 1.1. (In the case of
duals, triples, and quads, the current
per amplifier is used). Analog Devices
BiFET process, which produced the

AD712 and OP249 (3MHz bandwidth,
3mA current), yields about 1MHz per
mA. The CB (Complementary Bipolar)
process (AD817, AD847, AD811, etc.)
yields about 10MHz/mA of supply
current. Ft’s of the CB process PNP
transistors are about 700MHz, and the
NPN’s about 900MHz.

The latest generation complementary
bipolar process from Analog Devices is
a high speed dielectrically isolated
process called XFCB (eXtra Fast
Complementary Bipolar). This process
(2-4 GHz Ft matching PNP and NPN
transistors), coupled with innovative
circuit topologies allow op amps to
achieve new levels of cost-effective
performance at astonishing low quies-
cent currents. The approximate figure
of merit for this process is typically
100MHz/mA, although the AD8011 op
amp is capable of 300MHz bandwidth
on 1mA of supply current due to its
unique two-stage current-feedback
architecture.
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AMPLIFIER BANDWIDTH VERSUS SUPPLY CURRENT
FOR ANALOG DEVICES' PROCESSES

1000+

300+ AD8011e@

BANDWIDTH (MHz)

AD8001@®

SUPPLY CURRENT (PER AMPLIFIER), mA

Figure 1.1

In order to select intelligently the
correct op amp for a given application,
an understanding of the various op amp
topologies as well as the tradeoffs
between them is required. The two

most widely used topologies are voltage
feedback (VFB) and current feedback
(CFB). The following discussion treats
each in detail and discusses the simi-
larities and differences.

VoLTAGE FEEDBACK (VFB) OP AMPS

A voltage feedback (VFB) op amp is
distinguished from a current feedback
(CFB) op amp by circuit topology. The
VEB op amp is certainly the most
popular in low frequency applications,
but the CFB op amp has some advan-
tages at high frequencies. We will
discuss CFB in detail later, but first the
more traditional VFB architecture.

Early IC voltage feedback op amps
were made on “all NPN” processes.

These processes were optimized for
NPN transistors, and the “lateral” PNP
transistors had relatively poor perfor-
mance. Lateral PNPs were generally
only used as current sources, level
shifters, or for other non-critical func-
tions. A simplified diagram of a typical
VFB op amp manufactured on such a
process is shown in Figure 1.2.
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VOLTAGE FEEDBACK (VFB) OP AMP
DESIGNED ON AN "ALL NPN" IC PROCESS

+Vs

"LATERAL" PNP

VBlas

(
©
A

N
- Vout
e - ¢ 2Ry +—O
I
IT (ll:D —EL v ()
Vg —s .
' = L T
N ogm=lc* | VOUT'ijP =v ijp@
Figure 1.2
The input stage is a differential pair lute temperature. At +25°C, Vp =
consisting of either a bipolar pair (Q1, kT/q= 26mV (often called the Thermal
Q2) or a FET pair. This “gp,” (trans- Voltage, V).

conductance) stage converts the small-
signal differential input voltage, v, into As we will see shortly, the amplifier

a current, i, i.e., it’s transfer function is unity gain-bandwidth product, f,;, is

measured in units of conductance, 1/Q, equal to g.,,/2nCp, where the capaci-

(or mhos). The small signal emitter tance Cp is used to set the dominant

resistance, rg, is approximately equal pole frequency. For this reason, the tail

to the reciprocal of the small-signal gp,. current, I,is made proportional to

The formula for the small-signal g, of absolute temperature (PTAT). This

a single bipolar transistor is given by current tracks the variation in ry with

the following equation: temperature thereby making g;,, inde-
pendent of temperature. It is relatively

19 g L(I_T]
gm =—=—(I¢)= , or easy to make Cp reasonably constant
re kT kT\ 2 over temperature.

1 I The output of one side of the gy, stage
gm = (—__)(-1) drives the emitter of a lateral PNP
26mV A\ 2 transistor (Q3). It is important to note
that Q3 is not used to amplify the

I is the differential pair tail current, signal, only to level shift, i.e., the signal
I is the collector bias current (Ig = current variation in the collector of Q2
I7v/2), q is the electron charge, k is appears at the collector of Q3. The
Boltzmann’s constant, and T is abso- output collector current of Q3 develops

1-3
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a voltage across high impedance node
A. Cp sets the dominant pole of the
frequency response. Emitter follower
Q4 provides a low impedance output.

The effective load at the high imped-
ance node A can be represented by a
resistance, R, in parallel with the
dominant pole capacitance, Cp. The
small-signal output voltage, vy, is

equal to the small-signal current, i,
multiplied by the impedance of the
parallel combination of R and Cp.

Figure 1.3 shows a simple model for the
single-stage amplifier and the corre-
sponding Bode plot. The Bode plot is
constructed on a log-log scale for conve-
nience.

MODEL AND BODE PLOT FOR A VFB OP AMP

I=vegm
—

Vout

° D»——o
Ry
R2

“7 NOISE GAIN=G
R1 R
‘17— A VWA
1
| f, =
Ao i ° o * 2nRrCr
- —_ f, = 9" -—
2z Cp

6dB/OCTAVE

fc = CLOSED LOOP BANDWIDTH

Figure 1.3

The low frequency breakpoint, f,,is
given by:
R

0" 2nR7Cp"

Note that the high frequency response
is determined solely by g, and Cp:

gm
v =v-
out = joCp

The unity gain-bandwidth frequency,
fy, occurs where lvy,¢l=1vl. Solving

1-4

the above equation for f,, assuming
Ivouti=Ivl:

f, =S

U onCp*
We can use feedback theory to derive
the closed-loop relationship between the
circuit’s signal input voltage, vi,,and
it’s output voltage, vy ¢:

R2

1+—

Vout _ R1
vi joCp(. . R2

I it
€m R1



At the op amp 3dB closed-loop band-
width frequency, £, the following is
true:

2nf1Cp R2

“L(l"’ﬁ) =1, and hence

€m

_8m | 1
01 2ncp 1+E% ,Or
R1
f
fel = L
1+_R_2...
R1

This demonstrates a fundamental
property of VEB op amps: The closed-
loop bandwidth multiplied by the
closed-loop gain is a constant, i.e., the
VEB op amp exhibits a constant gain-
bandwidth product over most of the
usable frequency range.

Some VFB op amps (called de-compen-
sated) are unstable at unity gain and
are designed to be operated at some
minimum amount of closed-loop gain.
For these op amps, the gain-bandwidth
product is still relatively constant over
the region of allowable gain.

Now, consider the following typical
example: I =100pA, Cp = 2pF. We
find that:
IT/2 50uA 1
gm = V = =
T 26mV  520Q

_ 8m _ 1

= =153MHz

Y 21Cp  gnes20)(2-10712)

Hicu SPEED OPERATIONAL AMPLIFIERS

Now, we must consider the large-signal
response of the circuit. The slew-rate,
SR, is simply the total available charg-
ing current, I1/2, divided by the domi-
nant pole capacitance, Cp. For the
example under consideration,

dv dv I
I=C— —= =
Cdt’ m SR, SR C
Im/2 50uA
=——=———=925V/
SR Cp 2pF Ha.

The full-power bandwidth (FPBW) of
the op amp can now be calculated from
the formula:

SR _ 25V/us

FPBW = =
2nrA 2m-1V

=4MHz,,

where A is the peak amplitude of the
output signal. If we assume a 2V peak-
to-peak output sinewave (certainly a
reasonable assumption for high speed
applications), then we obtain a FPBW
of only 4MHz, even though the small-
signal unity gain-bandwidth product is
153MHz! For a 2V p-p output sinewave,
distortion will begin to occur much
lower than the actual FPBW frequency.
We must increase the SR by a factor of
about 40 in order for the FPBW to
equal 153MHz. The only way to do this
is to increase the tail current, I,of the
input differential pair by the same
factor. This implies a bias current of
4mA in order to achieve a FPBW of
160MHz. We are assuming that Cpisa
fixed value of 2pF and cannot be low-
ered by design.
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VFB OP AMP BANDWIDTH AND SLEW RATE CALCULATION

MW Assume that IT=100uA, Cp =2pF

1

| S50uA
[ | =C o
9m = Y T 26mv 5200
9m
m - =153MH
U™ 2n Cp z

B Slew Rate=SR= I;rél_g

=25V/ius
p

BUT FOR 2V PEAK-PEAK OUTPUT (A =1V)

B FPBW-= SR
2%

= 4MH
A z

M Mustincrease IT to 4mA to get FPBW = 160MHz!!

B Reduce gm by adding emitter degeneration resistors

Figure 1.4

In practice, the FPBW of the op amp
should be approximately 5 to 10 times
the maximum output frequency in
order to achieve acceptable distortion
performance (typically 55-80dBc @ 5 to
20MHz, but actual system require-
ments vary widely).

Notice, however, that increasing the
tail current causes a proportional
increase in g, and hence f;. In order to
prevent possible instability due to the
large increase in f;;, g, can be reduced
by inserting resistors in series with the
emitters of Q1 and Q2 (this technique,
called emitter degeneration, also serves
to linearize the gy, transfer function
and lower distortion).

A major inefficiency of conventional
bipolar voltage feedback op amps is
their inability to achieve high slew
rates without proportional increases in
quiescent current (assuming that Cp is
fixed, and has a reasonable minimum
value of 2 or 3pF). This of course is not
meant to say that high speed op amps
designed using this architecture are
deficient, it’s just that there are circuit
design techniques available which allow
equivalent performance at lower quies-
cent currents. This is extremely impor-
tant in portable battery operated
equipment where every milliwatt of
power dissipation is critical.
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VFB Or Avmps DESIGNED ON COMPLEMENTARY BIPOLAR PROCESSES

With the advent of complementary
bipolar (CB) processes having high
quality PNP transistors as well as

NPNs, VFB op amp configurations such
as the one shown in the simplified
diagram (Figure 1.5) became popular.

VFB OP AMP USING TWO GAIN STAGES

+Vg 4 jéi
D1

Q3 S ]

ouTPUT

+

O ]

|\°4 BUFFER

l{ {>———-o
CI

Figure 1.5

Notice that the input differential pair
(Q1, Q2) is loaded by a current mirror
(Q3 and D1). We show D1 as a diode for
‘simplicity, but it is actually a diode-
connected PNP transistor (matched to
Q3) with the base and collector con-
nected to each other. This simplification
will be used in many of the circuit
diagrams to follow in this section. The
common emitter transistor, Q4, pro-
vides a second voltage gain stage. Since
the PNP transistors are fabricated on a
complementary bipolar process, they
are high quality and matched to the
NPNs and suitable for voltage gain.
The dominant pole of the amplifier is

set by Cp, and the combination of the
gain stage,Q4, and Cp is often referred
to as a Miller Integrator. The unity-gain
output buffer is usually a complemen-
tary emitter follower.

The model for this two-stage VFB op
amp is shown in Figure 1.6. Notice that
the unity gain-bandwidth frequency, f;;,
is still determined by the gm of the
input stage and the dominant pole
capacitance, Cp. The second gain stage
increases the DC open-loop gain, but
the maximum slew rate is still limited
by the input stage tail current: SR =
I7/Cp.



HicH SPEED DESsIGN TECHNIQUES

MODEL FOR TWO STAGE VFB OP AMP

c
i =Voglr | ILP
O \ I

v -
gm \ Vout
+ a X1 —oOQO
Vin T P- /
VREF
R1 R2
4; VWA VWA
_ gm fy
u 2z Cp u fCL”1+.£'!;".
R1
I
M SR=—1—
P
Figure 1.6

The two-stage topology is widely used
throughout the IC industry in VFB op
amps, both precision and high speed.

Another popular VFB op amp architec-
ture is the folded cascode as shown in
Figure 1.7. An industry-standard video
amplifier family (the AD847) is based
on this architecture. This circuit takes
advantage of the fast PNPs available
on a CB process. The differential signal
currents in the collectors of Q1 and Q2

are fed to the emitters of a PNP cascode
transistor pair (hence the term folded
cascode). The collectors of Q3 and Q4
are loaded with the current mirror, D1
and Q5, and Q4 provides voltage gain.
This single-stage architecture uses the
junction capacitance at the high-imped-
ance node for compensation (and some
variations of the design bring this node
to an external pin so that additional
external capacitance can be added).
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AD847-FAMILY FOLDED CASCODE SIMPLIFIED CIRCUIT

+Vs )
2lr ZlTCT) I
3 E——

—< Ccomp

IT.__>

Q1 Q2

Q3

>

T CsTRAY

\V AC GROUND

1
N

D1 —

Figure 1.7

With no emitter degeneration resistors
in Q1 and Q2, and no additional exter-
nal compensating capacitance, this
circuit is only stable for high closed-loop
gains. However, unity-gain compen-
sated versions of this family are avail-
able which have the appropriate
amount of emitter degeneration.

The availability of JFETs on a CB
process allows not only low input bias
current but also improvements in the
tradeoff which must be made between
gm and I found in bipolar input
stages. Figure 1.8 shows a simplified
diagram of the AD845 16MHz op amp.

JFETSs have a much lower g, per mA
of tail current than a bipolar transistor.
This allows the input tail current
(hence the slew rate) to be increased
without having to increase Cp to main-
tain stability. The unusual thing about
this seemingly poor performance of the
JFET is that it is exactly what is
needed on the input stage. For a typical
JFET, the value of g, is approximately
I/1V (I is the source current), rather
than I/26mV for a bipolar transistor,
i.e., about 40 times lower. This allows
much higher tail currents (and higher
slew rates) for a given g, when JFETSs
are used as the input stage.
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AD845 BIiFET 16MHz OP AMP SIMPLIFIED CIRCUIT

Q4

VBIAS

I\QG

p—— )

X1

Figure 1.8

A New VFB Op Amp Architecture for “Current-on-Demand”
Performance, Lower Power, and Improved Slew Rate

Until now, op amp designers had to
make the above tradeoffs between the
input gm stage quiescent current and
the slew-rate and distortion perfor-
mance. Analog Devices’ has patented a
new circuit core which supplies current-
on-demand to charge and discharge the

dominant pole capacitor, Cp, while
allowing the quiescent current to be
small. The additional current is propor-
tional to the fast slewing input signal
and adds to the quiescent current. A
simplified diagram of the basic core cell
is shown in Figure 1.9.
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"QUAD-CORE" VFB gm STAGE FOR CURRENT-ON-DEMAND

+Vs P

Figure 1.9

The quad-core (gp, stage) consists of
transistors Q1, Q2, Q3, and Q4 with
their emitters connected together as
shown. Consider a positive step voltage
on the inverting input. This voltage
produces a proportional current in Q1
which is mirrored into Cpl by Q5. The
current through Q1 also flows through
Q4 and Cp2. At the dynamic range
limit, Q2 and Q3 are correspondingly
turned off. Notice that the charging and
discharging current for Cp1 and Cp2 is
not limited by the quad core bias cur-
rent. In practice, however, small cur-
rent-limiting resistors are required
forming an “H” resistor network as
shown. Q7 and Q8 form the second gain
stage (driven differentially from the
collectors of Q5 and Q6), and the output
is buffered by a unity-gain complemen-
tary emitter follower.

The quad core configuration is patented
(Roy Gosser, U.S. Patent 5,150,074 and

others pending), as well as the circuits
which establish the quiescent bias
currents (not shown in the diagram). A
number of new VFB op amps using this
proprietary configuration have been
released and have unsurpassed high
frequency low distortion performance,
bandwidth, and slew rate at the indi-
cated quiescent current levels (see
Figure 1.10). The AD9631, AD8036,
and AD8047 are optimized for a gain of
+1, while the AD9632, AD8037, and
ADS8048 for a gain of +2. The same
quad-core architecture is used as the
second stage of the AD8041 rail-to-rail
output, zero-volt input single-supply op
amp. The input stage is a differential
PNP pair which allows the input com-
mon-mode signal to go about 200mV
below the negative supply rail. The
AD8042 and AD8044 are dual and
quad versions of the AD8041.
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"QUAD-CORE" TWO STAGE XFCB VFB OP AMPS
AC CHARACTERISTICS VERSUS SUPPLY CURRENT

PART # iIsy / AMP BANDWIDTH | SLEW RATE | DISTORTION
AD9631/32 17mA 320MHz 1300Viys | ~72dBc@20MHz
AD8036/37 20mA 240MHz 1200V/ips | ~72dBc@20MHz

Clamped
AD8047/48 5.8mA 250MHz 750Vius ~66dBc@5MHz
AD8041 (1) 5.2mA 160MHz 160V/us ~69dBc@10MHz
AD8042 (2) 5.2mA 160MHz 200V/us —-64dBc@10MHz
AD8044 (4) 2,75mA 150MHz 170Vips ~75dBc@5MHz
AD8031 (1) 0.75mA 80MHz 30V/ps -62dBc@1MHz
AD8032 (2) 0.75mA 80MHz 30V/us -62dBc@1MHz

Number in () indicates single, dual, or quad

Figure 1.10

CurrenT FEEDBACK (CFB) Op AmPs

We will now examine the current
feedback (CFB) op amp topology which
has recently become popular in high
speed op amps. The circuit concepts
were introduced many years ago,
however modern high speed comple-
mentary bipolar processes are required
to take full advantage of the architec-
ture.

It has long been known that in bipolar
transistor circuits, currents can be
switched faster than voltages, other
things being equal. This forms the basis
of non-saturating emitter-coupled logic
(ECL) and devices such as current-
output DACs. Maintaining low imped-
ances at the current switching nodes
helps to minimize the effects of stray
capacitance, one of the largest detri-
ments to high speed operation. The

1-12

current mirror is a good example of how
currents can be switched with a mini-
mum amount of delay.

The current feedback op amp topology
is simply an application of these funda-
mental principles of current steering. A
simplified CFB op amp is shown in
Figure 1.11. The non-inverting input is
high impedance and is buffered directly
to the inverting input through the
complementary emitter follower buffers
Q1 and Q2. Note that the inverting
input impedance is very low (typically
10 to 100Q), because of the low emitter
resistance. In the ideal case, it would be
zero. This is a fundamental difference
between a CFB and a VFB op amp, and
also a feature which gives the CFB op
amp some unique advantages.
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SIMPLIFIED CURRENT FEEDBACK (CFB) OP AMP

. +Vg

e
T

Figure 1.11

The collectors of Q1 and Q2 drive
current mirrors which mirror the in-
verting input current to the high im-
pedance node, modeled by RT and Cp.
The high impedance node is buffered by
a complementary unity gain emitter
follower. Feedback from the output to
the inverting input acts to force the
inverting input current to zero, hence
the term Current Feedback. (In the
ideal case, for zero inverting input
impedance, no small signal voltage can
exist at this node, only small signal
current).

Consider a positive step voltage applied
to the non-inverting input of the CFB
op amp. Q1 immediately sources a
proportional current into the external
feedback resistors creating an error
current which is mirrored to the high
impedance node by Q3. The voltage
_developed at the high impedance node
is equal to this current multiplied by

the equivalent impedance. This is
where the term transimpedance op amp
originated, since the transfer function is
an impedance, rather than a unitless
voltage ratio as in a traditional VFB op
amp.

Note that the error current is not
limited by the input stage bias current,
i.e., there is no slew-rate limitation in
an ideal CFB op amp. The current
mirrors supply current-on-demand from
the power supplies. The negative feed-
back loop then forces the output voltage
to a value which reduces the inverting
input error current to zero.

The model for a CFB op amp is shown
in Figure 1.12 along with the corre-
sponding Bode plot. The Bode plot is
plotted on a log-log scale, and the open-
loop gain is expressed as a
transimpedance, T(s), with units of
ohms.
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CFB OP AMP MODEL AND BODE PLOT

) | | r -L Vout
T 42>

R1 <7 R

MN—

'\-% I fo

Wy

1
RT foL =
cL 2nR2Cp (1 +Ro, Ro
6dB/OCTAVE R2 Rt
[T(s) 1
@) ~ ——  FOR
21R2Cp R <<R1
Rp << R2
R2L — — — — — — D
\12dB/OCTAVE
RoF - ————————
Figure 1.12
The finite output impedance of the 1= 1
input buffer is modeled by Ro. The cl = Ro Ro
input error current is i. By applying the 2nCpR2(1+ T2 + ﬁ) :

principles of negative feedback, we can
derive the expression for the op amp
transfer function:

R2

1+ —

Vout _ R1
Vin 1+j0)CpR2(l+§—% + %) )

At the op amp 3db closed-loop band-
width frequency, £}, the following is
true:

Ro Ro
onf () R211+ —+—|=1
olbp ( R2 ) '

Solving for f):

For the condition Ro << R2 and R1, the
equation simply reduces to:

1

fa = 2nCpR2

Examination of this equation quickly
reveals that the closed-loop bandwidth
of a CFB op amp is determined by the
internal dominant pole capacitor, Cp,
and the external feedback resistor R2,
and is independent of the gain-setting
resistor, R1. This ability to maintain
constant bandwidth independent of
gain makes CFB op amps ideally suited
for wideband programmable gain
amplifiers.



Because the closed-loop bandwidth is
inversely proportional to the external
feedback resistor, R2, a CFB op amp is
usually optimized for a specific R2.
Increasing R2 from it’s optimum value
lowers the bandwidth, and decreasing it
may lead to oscillation and instability
because of high frequency parasitic
poles.

The frequency response of the AD8011
CFB op amp is shown in Figure 1.13 for
various closed-loop values of gain (+1,
+2, and +10). Note that even at a gain
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of +10, the closed loop bandwidth is still
greater than 100MHz. The peaking
which occurs at a gain of +1 is typical of
wideband CFB op amps when used in
the non-inverting mode and is due
primarily to stray capacitance at the
inverting input. The peaking can be
reduced by sacrificing bandwidth and
using a slightly larger feedback resis-
tor. The AD8011 CFB op amp repre-
sents state-of-the-art performance, and
key specifications are shown in Figure
1.14.

AD8011 FREQUENCY RESPONSE
G =+1, +2, +10

+5
+4
Vg=+5V OR 15V G=+1
+3 +— Vout=200mV p-p Rg = 1kQ
o
':I: +2 v
2 G=+2
<+ v R = 1kQ
a T~/
g o A
3 -1 G=+10 4
% R = 500
g -2 \
. \
. \
-5

10

100 500

FREQUENCY - MHz

Figure

1.13
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AD8011 CFB OP AMP KEY SPECIFICATIONS

1mA Power Supply Current (+5V or £5V)
300MHz Bandwidth (G = +1)

2000 V/ps Slew Rate

29ns Settling Time to 0.1%

Video Specifications (G = +2)

Differential Gain Error 0.02%
Differential Phase Error 0.06°
25MHz 0.1dB Bandwidth

H Distortion

~70dBc @ 5MHz
~62dBc @ 20MHz

M Fully Specified for +5V or +5V Operation

Figure 1.14

Traditional current feedback op amps
have been limited to a single gain
stage, using current-mirrors as previ-
ously described. The AD8011 (and also
others in this family: AD8001, AD8002,
AD8004, AD8005, AD8009, AD8013,
AD8072, AD8073), unlike traditional
CFB op amps uses a two-stage gain
configuration as shown in Figure 1.15.
Until now, fully complementary two-
gain stage CFB op amps have been
impractical because of their high power
dissipation. The AD8011 employs a

second gain stage consisting of a pair of
complementary amplifiers (Q3 and Q4).
Note that they are not connected as
current mirrors but as grounded-emit-
ters. The detailed design of current
sources (I1 and 12), and their respective
bias circuits (Roy Gosser, patent-ap-
plied-for) are the key to the success of
the two-stage CFB circuit; they keep
the amplifier’s quiescent power low, yet
are capable of supplying current-on-
demand for wide current excursions
required during fast slewing.
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SIMPLIFIED TWO-STAGE CFB OP AMP
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Figure 1.15

A further advantage of the two-stage
amplifier is the higher overall band-
width (for the same power), which
means lower signal distortion and the
ability to drive heavier external loads.

Thus far, we have learned several key
features of CFB op amps. The most
important is that for a given comple-
mentary bipolar IC process, CFB gener-
ally always yields higher FPBW (hence
lower distortion) than VFB for the same
amount of quiescent supply current.
This is because there is practically no
slew-rate limiting in CFB. Because of
this, the full power bandwidth and the
small signal bandwidth are approxi-
mately the same.

The second important feature is that
the inverting input impedance of a CFB
op amp is very low. This can be advan-
tageous when using the op amp in the
inverting mode as an I/V converter,
because there is much less sensitivity to
inverting input capacitance than with
VFB.

The third feature is that the closed-loop
bandwidth of a CFB op amp is deter-
mined by the value of the internal Cp
capacitor and the external feedback
resistor R2 and is relatively independent
of the gain-setting resistor R1. We will
now examine some typical applications
issues and make further comparisons
between CFBs and VFBs.
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CURRENT FEEDBACK OP AMP FAMILY

PART | ISY/AMP | BANDWIDTH | SLEW RATE DISTORTION
AD8001 (1) | 5.5mA 880MHz 1200V/ys ~65dBc@5MHz
AD8002 (2) | 5.0mA 600MHz 1200 Vips ~65dBc@5MHz
AD8004 (4) | 3.5mA 250MHz 3000 Vips ~78dBc@5MHz
ADS8005 (1) | 0.4mA 180MHz 500 Vips ~53dBc@5MHz
AD8009 (1) | 11mA | 1000MHz | 7000 Vius ~80dBc@5MHz
AD8011 (1) | 1mA 300MHz 2000 Vips ~70dBc@5MHz
AD8012(2) | 1mA 300MHz 1200 Vips ~66dBc@5MHz
AD8013 (3) | 4mA 140MHz 1000 Viuys | AG=0.02%, Ap=0.06 °
AD8072(2) | 5mA 100MHz 500 Vips | AG=0.05%, A¢=0.1°
AD8073 (3) | 5mA 100MHz 500 Viys | AG=0.05%, A¢=0.1°

Number in () Indicates Single, Dual, Triple, or Quad

Figure 1.16

SUMMARY: CURRENT FEEDBACK OP AMPS

CFB yields higher FPBW and lower distortion than
VFB for the same process and power dissipation

Inverting input impedance of a CFB op amp is low,

non-inverting input impedance is high

Closed-loop bandwidth of a CFB op amp is determined
by the internal dominant-pole capacitance and the
external feedback resistor, independent of the gain-

setting resistor

Figure 1.17
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ErrFECTS OF FEEDBACK CAPACITANCE IN OP AMPS

At this point, the term noise gain needs Noise gain must be distinguished from

some clarification. Noise gain is the signal gain. Figure 1.18 shows an op
amount by which a small amplitude amp in the inverting and non-inverting
noise voltage source in series with an mode. In the non-inverting mode, notice
input terminal of an op amp is ampli- that noise gain is equal to signal gain.
fied when measured at the output. The However, in the inverting mode, the
input voltage noise of an op amp is noise gain doesn’t change, but the
modeled in this way. It should be noted signal gain is now —R2/R1. Resistors n
that the DC noise gain can also be used are shown as feedback elements, how-
to reflect the input offset voltage (and ever, the networks may also be reac-
other op amp input error sources) to the tive.

output.

NOISE GAIN AND SIGNAL GAIN COMPARISON
NON-INVERTING INVERTING

o

Vour ¥ v
o ﬁ ouT
VIN
o—A\WW
R1 R2
i .R2 _ :R2
SIGNAL GAIN=1 + R SIGNAL GAIN = R
NOISE GAIN = = 1 + = NOISE GAIN = 1 +—=
T R1 - R1
FOR VFB OP AMP:
_ UNITY GAIN BANDWIDTH FREQUENCY
foy =Y
CL= g
Figure 1.18
Two other configurations are shown in compensated op amps which are un-
Figure 1.19 where the noise gain has stable for low values of noise gain.
been increased independent of signal However, the sensitivity to input noise
gain by the addition of R3 across the and offset voltage is correspondingly
input terminals of the op amp. This increased.

technique can be used to stabilize de-
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INCREASING THE NOISE GAIN
WITHOUT AFFECTING SIGNAL GAIN

v NON-INVERTING INVERTING
IN
O O
+ Vout
Ra= N ) —O <7
VIN
Y;J\M . Wy o—AW
R1 R2 R1 R2
-1 . R2 _-R2
SIGNAL GAIN=1 + R1 SIGNAL GAIN = R1
NOISEGAIN==1 + R2 S =
== 1+ 1IR3 NOISE GAIN = 1 + R1|IR3
Figure 1.19

Noise gain is often plotted as a function
of frequency on a Bode plot to deter-
mine the op amp stability. If the feed-
back is purely resistive, the noise gain
is constant with frequency. However,
reactive elements in the feedback loop
will cause it to change with frequency.
Using a log-log scale for the Bode plot
allows the noise gain to be easily drawn
by simply calculating the breakpoints
determined by the frequencies of the
various poles and zeros. The point of
intersection of the noise gain with the
open-loop gain not only determines the
op amp closed-loop bandwidth, but also
can be used to analyze stability.

An excellent explanation of how to
make simplifying approximations using
Bode plots to analyze gain and phase
performance of a feedback networks is
given in Reference 4.

Just as signal gain and noise gain can
be different, so can the signal band-
width and the closed-loop bandwidth.
The op amp closed-loop bandwidth, f],

1-20 -

is always determined by the intersec-
tion of the noise gain with the open-loop
frequency response. The signal band-
width is equal to the closed-loop band-
width only if the feedback network is
purely resistive.

It is quite common to use a capacitor in
the feedback loop of a VFB op amp to
shape the frequency response as in a
simple single-pole lowpass filter (see
Figure 1.20a). The resulting noise gain
is plotted on a Bode plot to analyze
stability and phase margin. Stability of
the system is determined by the net
slope of the noise gain and the open
loop gain where they intersect. For
unconditional stability, the noise gain
plot must intersect the open loop re-
sponse with a net slope of less than
12dB/octave. In this case, the net slope
where they intersect is 6dB/octave,
indicating a stable condition. Notice for
the case drawn in Figure 1.20a, the
second pole in the frequency response
occurs at a considerably higher fre-
quency than £;.
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NOISE GAIN STABILITY ANALYSIS FOR VFB AND CFB
OP AMPS WITH FEEDBACK CAPACITOR

R1 ]"CT
® oY%

VFB OP AMP CFB OP AMP
IT(s)l

@

fp =2 R2C2

R2 ; | foL
Rob— — — = — — N —>f

UNSTABLE

|A(s)] 1

R2
1+7R9

Figure 1.20
In the case of the CFB op amp (Figure flected to the output by an impedance
1.20b), the same analysis is used, which we define to be the “current noise
except that the open-loop transimped- gain” of a CFB op amp:

ance gain, T(s), is used to construct the "CURRENT NOISE GAIN"
Bode plot. The definition of noise gain Ro

(for the purposes of stability analysis) =Ro+ 22(14. _)
for a CFB op amp, however, must be 71
redefined in terms of a current noise

source attached to the inverting input

(see Figure 1.21). This current is re-
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CURRENT "NOISE GAIN" DEFINITION
FOR CFB OP AMP FOR USE IN STABILITY ANALYSIS

1 T(s)

v,
out
i
T Ro

1 22

W WA
Vout
CURRENT v
2 "NOISE GAIN" = —o-
i >
= Ro
l Ro = z1 = Ro+22(t+70)
Figure 1.21

Now, return to Figure 1.20b, and
observe the CFB current noise gain plot.
At low frequencies, the CFB current
noise gain is simply R2 (making the
assumption that Ro is much less than
Z1 or Z2. The first pole is determined
by R2 and C2. As the frequency contin-
ues to increase, C2 becomes a short
circuit, and all the invertng input
current flows through Ro (refer back to
Figure 1.21).

The CFB op amp is normally optimized
for best performance for a fixed feed-
back resistor, R2. Additional poles in
the transimpedance gain, T(s), occur at
frequencies above the closed loop band-
width, £}, (set by R2). Note that the
intersection of the CFB current noise

gain with the open-loop T(s) occurs
where the slope of the T(s) function is
12dB/octave. This indicates instability
and possible oscillation.

It is for this reason that CFB op amps
are not suitable in configurations which
require capacitance in the feedback loop,
such as simple active integrators or
lowpass filters. They can, however, be
used in certain active filters such as the
Sallen-Key configuration shown in
Figure 1.22 which do not require ca-
pacitance in the feedback network.

VFB op amps, on the other hand, make
very flexible active filters. A multiple
feedback 20MHz lowpass filter using
the AD8048 is shown in Figure 1.23.
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EITHER CFB OR VFB OP AMPS CAN BE USED IN
THE SALLEN-KEY FILTER CONFIGURATION

O %% VW : +
p—
v $ R2
R1
il R2 FIXED FOR CFB OP AMP

Figure 1.22

MULTIPLE FEEDBACK 20MHz LOWPASS FILTER
USING THE AD8048 VFB OP AMP

Figure 1.23
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In general, the amplifier should have a
bandwidth which is at least ten times
the bandwidth of the filter if problems
due to phase shift of the amplifier are
to be avoided. (The AD8048 has a
bandwidth of over 200MHz in this
configuration). The filter is designed as
follows:

Choose:

Fo = Cutoff Frequency = 20MHz

=< = Damping Ratio = 1/Q = 2

H = Absolute Value of Circuit Gain
= |-R4/R1l =1

k = 2rFoC1

4CI(H +1)
C2= 2 100pF | for C1 = 50pF

o
Rl =——=159.2Q
oETk , use 154Q

o
= _7960Q
SRHTD 79.6Q  yse 78.7Q

R4 = H.R1 = 159.2Q, use 154Q

HicH SPEED CURRENT-TO-VOLTAGE CONVERTERS, AND
THE EFFECTS OF INVERTING INPUT CAPACITANCE

Fast op amps are useful as current-to-

voltage converters in such applications
as high speed photodiode preamplifiers
and current-output DAC buffers. A

typical application using a VFB op amp
as an I/V converter is shown in Figure
1.24.

- COMPENSATING FOR INPUT CAPACITANCE IN A
CURRENT-TO-VOLTAGE CONVERTER USING VFB OP AMP

][ c2

I

c1

|A(s)]

/

, UNCOMPENSATED  fx

— — COMPENSATED

VWA

VFB o)

FOR 45° PHASE MARGIN

Figure 1.24



The net input capacitance, C1, forms a
pole at a frequency f,, in the noise gain
transfer function as shown in the Bode
plot, and is given by:

o1
P~ onRoC1"

If left uncompensated, the phase shift
at the frequency of intersection, f, will
cause instability and oscillation. Intro-
ducing a zero at f; by adding feedback
capacitor C2 stabilizes the circuit and
yields a phase margin of about 45
degrees. The location of the zero is
given by:

foo_ 1
X " 9nR202°

Although the addition of C2 actually
decreases the pole frequency slightly,
this effect is negligible if C2 << C1. The
frequency f; is the geometric mean of f,
and the unity-gain bandwidth fre-
quency of the op amp, f,

u’
fx = fp fu .
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These equations can be solved for C2:

Cl
2= f————

This value of C2 will yield a phase
margin of about 45 degrees. Increasing
the capacitor by a factor of 2 increases
the phase margin to about 65 degrees
(see References 4 and 5).

In practice, the optimum value of C2
may be optimized experimentally by
varying it slightly to optimize the
output pulse response.

A similar analysis can be applied to a
CFB op amp as shown in Figure 1.25.
In this case, however, the low inverting
input impedance, Ro, greatly reduces
the sensitivity to input capacitance. In
fact, an ideal CFB with zero input
impedance would be totally insensitive
to any amount of input capacitance!

COMPENSATING FOR INPUT CAPACITANCE IN A
CURRENT-TO-VOLTAGE CONVERTER USING CFB OP AMP

|{ €2
|
R2
j_ MWy
i c1
' R
o - 5
| ot .. 1 1
%7 P~ 2uRglIR2:C1 ~ 2zRqC1
iT(s) 1
= —1
_ UNCOMPENSATED 2nR2C2
| fo= oo f
L/ X p°ICL
— - COMPENSATED
c2 =\J Ro  |__c1
R2 2n R2+fc
R — — — — — —\~ — — f
FOR 45° PHASE MARGIN
fp
Figure 1.25
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The pole caused by C1 occurs at a
frequency fp:
£ = 1 .1

P~ 2n(RollR2)C1  27RoCl

This pole frequency will be generally be
much higher than the case for a VFB op
amp, and the pole can be ignored
completely if it occurs at a frequency
greater than the closed-loop bandwidth
of the op amp.

We next introduce a compensating zero
at the frequency f; by inserting the
capacitor C2:
£ = 1

X" onR2C2"

As in the case for VFB, £, is the geo-
metric mean of fp and fg:

fx =ffp fu -

Solving the equations for C2 and rear-
ranging it yields:

Ro C1
C2=\re \/21:R2-fd .

There is a significant advantage in
using a CFB op amp in this configura-
tion as can be seen by comparing the
similar equation for C2 required for a
VFB op amp. If the unity-gain band-
width product of the VFB is equal to
the closed-loop bandwidth of the CFB
(at the optimum R2), then the size of
the CFB compensation capacitor, C2, is

reduced by a factor of \/R2/Ro -

A comparison in an actual application
is shown in Figure 1.26. The full scale
output current of the DAC is 4mA, the
net capacitance at the inverting input
of the op amp is 20pF, and the feedback
resistor is 500Q. In the case of the VFB
op amp, the pole due to C1 occurs at
16MHz. A compensating capacitor of
5.6pF is required for 45 degrees of
phase margin, and the signal band-
width is 57MHz.

LOW INVERTING INPUT IMPEDANCE OF CBF
OP AMP MAKES IT RELATIVELY INSENSITIVE TO INPUT
CAPACITANCE WHEN USED AS A
CURRENT-TO-VOLTAGE CONVERTER

e =
R2 R2
1»—’\/\/\,————0 q
500Q
wa T o
e C1 CFB —O

c1
"] 20pF 20pF
. fy = 200MHz 1+ fcL = 200MHz
Ro = 50Q

= = fo = = 160MHz
o= rzcr - J6MHz P~ 2tRgC1
C2 = 5.6pF C2 = 1.8pF
fx = 57MHz fy = 176MHz

Figure 1.26



For the CFB op amp, however, because
of the low inverting input impedance
(Ro = 50Q), the pole occurs at 160MHz,
the required compensation capacitor is
about 1.8pF, and the corresponding
signal bandwidth is 176 MHz. In actual
practice, the pole frequency is so close
to the closed-loop bandwidth of the op
amp that it could probably be left
uncompensated.

It should be noted that a CFB op amp’s
relative insensitivity to inverting input
capacitance is when it is used in the
inverting mode. In the non-inverting
mode, even a few picofarads of stray
capacitance on the inverting input can
cause significant gain-peaking and
potential instability.

Another advantage of the low inverting
input impedance of the CFB op amp is
when it is used as an I/V converter to
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buffer the output of a high speed cur-
rent output DAC. When a step function
current (or DAC switching glitch) is
applied to the inverting input of a VFB
op amp, it can produce a large voltage
transient until the signal can propagate
through the op amp to its output and
negative feedback is regained. Back-to-
back Schottky diodes are often used to
limit this voltage swing as shown in
Figure 1.27. These diodes must be low
capacitance, small geometry devices
because their capacitance adds to the
total input capacitance.

A CFB op amp, on the other hand,
presents a low impedance (Ro) to fast
switching currents even before the
feedback loop is closed, thereby limiting
the voltage excursion without the
requirement of the external diodes.
This greatly improves the settling time
of the I/'V converter.

LOW INVERTING INPUT IMPEDANCE OF CFB OP AMP
HELPS REDUCE AMPLITUDE OF FAST DAC TRANSIENTS

CURRENT-OUTPUT
DAC

R2

QT3 |
v

* SCHOTTKY
CATCH
DIODES

* NOT REQUIRED FOR CFB OP AMP
BECAUSE OF LOW INVERTING INPUT IMPEDANCE

Figure 1.27
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Noise ComrarisoNs BETWEEN VEFB anp CFB Op Amps

Op amp noise has two components: low
frequency noise whose spectral density
is inversely proportional to the square
root of the frequency and white noise at
medium and high frequencies. The low-
frequency noise is known as 1/f noise
(the noise power obeys a 1/f law - the
noise voltage or noise current is propor-
tional to 1/Nf). The frequency at which
the 1/f noise spectral density equals the
white noise is known as the “1/f Corner
Frequency” and is a figure of merit for
the op amp, with the low values indicat-
ing better performance. Values of 1/f
corner frequency vary from a few Hz for
the most modern low noise low fre-
quency amplifiers to several hundreds,
or even thousands of Hz for high-speed
op amps.

In most applications of high speed op
amps, it is the total output rms noise
that is generally of interest. Because of
the high bandwidths, the chief con-
tributor to the output rms noise is the
white noise, and that of the 1/f noise is
negligible.

In order to better understand the
effects of noise in high speed op amps,
we use the classical noise model shown
in Figure 1.28. This diagram identifies
all possible white noise sources, includ-
ing the external noise in the source and
the feedback resistors. The equation

allows you to calculate the total output
rms noise over the closed-loop band-
width of the amplifier. This formula
works quite well when the frequency
response of the op amp is relatively flat.
If there is more than a few dB of high
frequency peaking, however, the actual
noise will be greater than the predicted
because the contribution over the last
octave before the 3db cutoff frequency
will dominate. In most applications, the
op amp feedback network is designed so
that the bandwidth is relatively flat,
and the formula provides a good esti-
mate. Note that BW in the equation is
the equivalent noise bandwidth which,
for a single-pole system, is obtained by
multiplying the closed-loop bandwidth
by 1.57.

Figure 1.29 shows a table which indi-
cates how the individual noise contribu-
tors are referred to the output. After
calculating the individual noise spectral
densities in this table, they can be
squared, added, and then the square
root of the sum of the squares yields the
RSS value of the output noise spectral
density since all the sources are
uncorrelated. This value is multiplied by
the square root of the noise bandwidth
(noise bandwidth = closed-loop band-
width multiplied by a correction factor of
1.57) to obtain the final value for the
output rms noise.
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OP AMP NOISE MODEL FOR A
FIRST-ORDER CIRCUIT WITH RESISTIVE FEEDBACK
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Figure 1.28

REFERRING ALL NOISE SOURCES TO THE OUTPUT

NOISE SOURCE EXPRESSED AS
A VOLTAGE

MULTIPLY BY THIS FACTOR TO
REFER TO THE OP AMP OUTPUT

Johnson Noise in Rp:

J4KTRp

Noise Gain=1+ BZ
R1

Non-Inverting Input Current
Noise Flowing in Rp:
In+Rp

Noise Gain=1+ »R—z
R1

Input Voltage Noise:
Vn

Noise Gain= 1+ BE
R1

Johnson Noise in R1:

v4kTR1

-R2/R1 (Gain from input of R1 to
Output)

Johnson Noise in R2:

v4kTR2

1

Inverting Input Current Noise
Flowing in R2:
In-R2

Figure 1.29
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Typical high speed op amps with band-
widths greater than 150MHz or so, and
bipolar input stages have input voltage
noises ranging from about 2 to 20nV/
VHz. To put voltage noise in perspec-
tive, let’s look at the Johnson noise
spectral density of a resistor:

vn = VAKTR-BW ,

where k is Boltzmann’s constant, T is
the absolute temperature, R is the
resistor value, and BW is the equiva-
lent noise bandwidth of interest. (The
equivalent noise bandwidth of a single-
pole system is 1.57 times the 3dB
frequency). Using the formula, a 100Q
resistor has a noise density of 1.3nV/
VHz, and a 1000Q resistor about 4nV/
VHz (values are at room temperature:
27°C, or 300K).

The base-emitter in a bipolar transistor
has an equivalent noise voltage source
which is due to the “shot noise” of the
collector current flowing in the
transistor’s (noiseless) incremental
emitter resistance, re. The current
noise is proportional to the square root
of the collector current, Ic. The emitter
resistance, on the other hand, is in-
versely proportional to the collector
current, so the shot-noise voltage is
inversely proportional to the square root
of the collector current. (Reference 5,
Section 9).

Voltage noise in FET-input op amps
tends to be larger than for bipolar ones,
but current noise is extremely low
(generally only a few tens of fA/NHz)
because of the low input bias currents.
However, FET-inputs are not generally
required for op amp applications requir-
ing bandwidths greater than 100MHz.

Op amps also have input current noise
on each input. For high-speed FET-
input op amps, the gate currents are so
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low that input current noise is almost

always negligible (measured in fANHz).

For a VFB op amp, the inverting and
non-inverting input current noise are
typically equal, and almost always
uncorrelated. Typical values for
wideband VFB op amps range from
0.5pA/NHz to 5pA/NHz. The input
current noise of a bipolar input stage is
increased when input bias-current
cancellation generators are added,
because their current noise is not
correlated, and therefore adds (in an
RSS manner) to the intrinsic current
noise of the bipolar stage.

The input voltage noise in CFB op
amps tends to be lower than for VFB op
amps having the same approximate
bandwidth. This is because the input
stage in a CFB op amp is usually
operated at a higher current, thereby
reducing the emitter resistance and
hence the voltage noise. Typical values
for CF'B op amps range from about 1 to
5nV/VHz.

The input current noise of CFB op amps
tends to be larger than for VFB op
amps because of the generally higher
bias current levels. The inverting and
non-inverting current noise of a CFB is
usually different because of the unique
input architecture, and are specified
separately. In most cases, the inverting
input current noise is the larger of the
two. Typical input current noise for
SFB op amps ranges from 5 to 40pA/
Hz.

The general principle of noise calcula-
tion is that uncorrelated noise sources
add in a root-sum-squares manner,
which means that if a noise source has
a contribution to the output noise of a
system which is less than 20% of the
amplitude of the noise from other noise



source in the system, then its contribu-
tion to the total system noise will be
less than 2% of the total, and that noise
source can almost invariably be ignored
- in many cases, noise sources smaller
than 33% of the largest can be ignored.
This can simplify the calculations using
the formula, assuming the correct
decisions are made regarding the
sources to be included and those to be
neglected.

The sources which dominate the output
noise are highly dependent on the
closed-loop gain of the op amp. Notice
that for high values of closed loop gain,
the op amp voltage noise will tend be
the chief contributor to the output
noise. At low gains, the effects of the
input current noise must also be consid-
ered, and may dominate, especially in
the case of a CFB op amp.

Feedforward/feedback resistors in high
speed op amp circuits may range from
less than 100Q to more than 1kQ, so it

Hicu SPEED OPERATIONAL AMPLIFIERS

is difficult to generalize about their
contribution to the total output noise
without knowing the specific values and
the closed loop gain. The best way to
make the calculations is to write a
simple computer program which per-
forms the calculations automatically
and include all noise sources. In most
high speed applications, the source
impedance noise can be neglected for
source impedances of 100L2 or less.

Figure 1.30 shows an example calcula-
tion of total output noise for the
ADS8011 (300MHz, 1mA) CFB op amp.
All six possible sources are included in
the calculation. The appropriate multi-
plying factors which reflect the sources
to the output are also shown on the
diagram. For G=2, the close-loop band-
width of the AD8011 is 180MHz. The
correction factor of 1.57 in the final
calculation converts this single-pole
bandwidth into the circuits equivalent
noise bandwidth.

AD8011 OUTPUT NOISE ANALYSIS

__._...._,

e

: 0.9nVAHz |

[ ——————

___________ (G)———1.8nVWHz
__________ (G *Rg)~—>0.5nVWHz

__________ (G) —— > 4nVWHz

R2
G=1+R1
| ;\7,\/—”_21—_——- (1)-——> 4nVNHz

R1 B OUTPUT NOISE SPECTRAL DENSITY = 8.7nV/VHz
B TOTAL NOISE = 8.%/1.57 X 180 X 106 = 1464V rms

Figure 1.30
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In communications applications, it is
common to specify the noise figure (NF)
of an amplifier. Figure 1.31 shows the
definition. NF is the ratio of the total
integrated output noise from all sources
to the total output noise which would
result if the op amp were “noiseless”
(this noise would be that of the source
resistance multiplied by the gain of the
op amp using the closed-loop bandwidth
of the op amp to make the calculation).

Noise figure is expressed in dB. The
value of the source resistance must be
specified, and in most RF systems, it is
50Q. Noise figure is useful in communi-
cations receiver design, since it can be
used to measure the decrease in signal-
to-noise ratio. For instance, an ampli-
fier with a noise figure of 10dB
following a stage with a signal-to-noise
ratio of 50dB reduces the signal-to-
noise ratio to 40dB.

NOISE FIGURE OF AN OP AMP

NOISE FIGURE = ZOIOQ[

TOTAL OUTPUT NOISE
OUTPUT NOISE DUE TO Rg

______ G ———> 1.8nVWHz

—0
TOTAL = 8.7nV~Hz

NOISE FIGURE = 20|og[-%—;'— =13.7dB
Figure 1.31

The ratio is commonly expressed in dB
and is useful in signal chain analysis.
In the previous example, the total
output voltage noise was 8.7nV/VHz.
Integrated over the closed loop band-
width of the op amp (180MHz), this
yielded an output noise of 146V rms.
The noise of the 50Q source resistance
is 0.9nV/VHz. If the op amp were noise-
less (with noiseless feedback resistors),
this noise would appear at the output
multiplied by the noise gain (G=2) of
the op amp, or 1.8nV/VHz. The total
output rms noise just due to the source
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resistor integrated over the same
bandwidth is 30.3pV rms. The noise
figure is calculated as:

303

The same result can be obtained by
working with spectral densities, since
the bandwidths used for the integration
are the same and cancel each other in
the equation.

NF = 20 1og10(¥‘-6—) = 13.7dB.

N

NF =20 ]oglo(%J = 13.7dB.
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HIGH SPEED OP AMP NOISE SUMMARY

B Voltage Feedback Op Amps:

¢ Voltage Noise: 2 to 20nV/VHz
¢ Current Noise: 0.5 to 5pA/VHz

B Current Feedback Op Amps:

& Voltage Noise: 1 to 5nV/VHz

¢ Current Noise: 5 to 40pAHz
Noise Contribution from Source Negligible if < 100Q

Voltage Noise Usually Dominates at High Gains

Reflect Noise Sources to Output and Combine (RSS)

Errors Will Result if there is Significant
High Frequency Peaking

Figure 1.32

DC CHARACTERISTICS OF HicH SPEED OP AMPS

High speed op amps are optimized for this, however, high speed op amps do
bandwidth and settling time, not for have reasonably good DC performance.
precision DC characteristics as found in The model shown in Figure 1.33 shows
lower frequency op amps such as the how to reflect the input offset voltage
industry standard OP27. In spite of “and the offset currents to the output.

MODEL FOR CALCULATING TOTAL
OP AMP OUTPUT VOLTAGE OFFSET

Vos R2

R O

3 Wy &
b Vo
—OQ

R3

WV +
<7 s

R2 R2
=¥ —| +1p4+R3 |1+ —| -1_.R2
B Vo=%Vps |EI+R1] +lp+ 3|: R1:| b

M IF I+ = lp. AND R3 =R1||R2
Vo =1V, 1+&z
O ==V0os R1

Figure 1.33
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Input offset voltages of high speed
bipolar input op amps are rarely
trimmed, since offset voltage matching
of the input stage is excellent, typically
ranging from 1 to 3mV, with offset
temperature coefficients of 5 to 15nV/
°C.

Input bias currents on VFB op amps
(with no input bias current compensa-
tion circuits) are approximately equal .
for (+) and (-) inputs, and can range
from 1 to 5pA. The output offset voltage
due to the input bias currents can be
nulled by making the effective source
resistance, R3, equal to the parallel
combination of R1 and R2.

This scheme will not work, however,
with bias-current compensated VFB op
amps which have additional current
generators on their inputs. In this case,
the net input bias currents are not

necessarily equal or of the same polar-
ity. Op amps designed for rail-to-rail
input operation (parallel PNP and NPN
differential stages as described later in
this section) have bias currents which
are also a function of the common-mode
input voltage. External bias current
cancellation schemes are ineffective
with these op amps also. It should be
noted, however, that it is often desir-
able to match the source impedance
seen by the (+) and (-) inputs of VFB op
amps to minimize distortion.

CFB op amps generally have unequal
and uncorrelated input bias currents
because the (+) and (<) inputs have
completely different architectures. For
this reason, external bias current
cancellation schemes are also ineffec-
tive. CFB input bias currents range
from 5 to 15pA, being generally higher
at the inverting input

OUTPUT OFFSET VOLTAGE SUMMARY

M High Speed Bipolar Op Amp Input Offset Voltage:
¢ Ranges from 1 to 3mV for VFB and CFB
¢ Offset TC Ranges from 5 to 15uV/°C

B High Speed Bipolar Op Amp Input Bias Current:
¢ For VFB Ranges from 1 to 5uA
¢ For CFB Ranges from 5 to 15pA

B Bias Current Cancellation Doesn't Work for:

¢ Bias Current Compensated Op Amps

¢ Current Feedback Op Amps

Figure 1.34
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PSRR CHARACTERISTICS OF HiGH SPEED OP AMPS

As with most op amps, the power 10MHz, it falls to only 20dB, indicating
supply rejection ratio (PSRR) of high the need for excellent external LF and
speed op amps falls off rapidly at higher =~ HF decoupling. These numbers are
frequencies. Figure 1.35 shows the fairly typical of most high speed VFB or
PSRR for the AD8011 CFB 300MHz CFB op amps, although the DC PSRR
CFB op amp. Notice that at DC, the may range from 55 to 80dB depending

PSRR is nearly 60dB, however, at on the op amp.

AD8011 POWER SUPPLY REJECTION RATIO

+10
0 PSRR
Vg = +5V OR 35V -
Y L1 p<ighe ”'XQ
Rr = 1kQ | 67 A
-20 =4
7% +PSRR
-30 A
: %
o —40 .
< -
£ 50 /
0 2]
-70
- -80
90 100k ™ 10M 100M 500M
FREQUENCY - Hz
Figure 1.35
The power pins of op amps must be (0.01pF to 0.1uF) be used for the high
decoupled directly to a large-area frequency noise. The lower frequency
ground plane with capacitors which noise can be decoupled with low-induc-
have minimal lead length. It is gener- tance tantalum electrolytic capacitors
ally recommended that a low-induc- (1 to 10pF).

tance ceramic surface mount capacitor
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SECTION 2

HIGH SPEED OP AMP APPLICATIONS

Optimizing the Feedback Network for Maximum
Bandwidth Flatness in Wideband CFB Op Amps

Driving Capacitive Loads

Cable Drivers and Receivers

A High Performance Video Line Driver
Differential Line Drivers/Receivers

High Speed Clamping Amplifiers
Single-Supply/Rail-to-Rail Considerations

High Speed Video Multiplexing with Op Amps
Using Disable Function

Video Programmable Gain Amplifier
Video Multiplexers and Crosspoint Switches
High Power Line Drivers and ADSL

High Speed Photodiode Preamps
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SECTION 2
HIGH SPEED OP AMP APPLICATIONS
Walt Kester; Walt Jung

OprriMiZzING THE FEEDBACK NETWORK FOR MAXIMUM
BANDWIDTH FLATNESS IN WIDEBAND CFB Op AmPs

Achieving the highest 0.1dB bandwidth ~ Wwell as the op amp package and PCB
flatness is important in many video parasitics. Figure 2.1 shows the fine

applications. Because of the critical scale (0.1dB/division) flatness plotted
relationship between the feedback versus the feedback resistance for the
resistor and the bandwidth ofa CFBop ~ AD8001 in a non-inverting gain of 2.
amp, optimum bandwidth flatness is These plots were made using the
highly dependent on the feedback ADB8001 evaluation board with surface

resistor value, the resistor parasitics, as ~ mount resistors.

AD8001 CFB OP AMP BANDWIDTH FLATNESS OPTIMIZED BY
PROPER SELECTION OF FEEDBACK RESISTOR

0.1

G=+2 0 :\/—;\\ ggQ?l
5 . o Re =6980" N \\ \/
AD8001 —-O . -0.2 ol Rr 7500 /\ \ \
- T 03 \
5 04
Wy £ s \\\\
Rg =Rf -0.6 \ \
‘ -0.7 \ \
-0.8
s 1

wm iom 100Mm
FREQUENCY ~ Hz

Figure 2.1
It is recommended that once the opti- Surface mount resistors are the opti-
mum resistor values have been deter- mum choice, and it is not recommended
mined, 1% tolerance values should be that leaded components be used with
used. In addition, resistors of different high speed op amps at these frequen-

construction have different associated cies because of their parasitics.
parasitic capacitance and inductance.
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Slightly different resistor values may
be required to achieve optimum perfor-
mance in the DIP versus the SOIC
packages (see Figure 2.2). The SOIC
package exhibits slightly lower para-
sitic capacitance and inductance than
the DIP. The data shows the optimum

feedback (R@) and feedforward (Rp)
resistors for highest 0.1dB bandwidth
for the AD8001 in the DIP and the
SOIC packages. As you might suspect,
the SOIC package can be optimized for
slightly higher 0.1dB bandwidth be-
cause of its lower parasitics.

OPTIMUM VALUES OF RF AND RG FOR AD8001
DIP AND SOIC PACKAGES (MAXIMUM 0.1dB BANDWIDTH)

AD8001AN (DIP) GAIN

Component -1 +1 +2
RF 649Q 1050Q |750Q
RG 649Q - 750Q

0.1dB Flatness [105MHz |70MHz |105MHz

AD8001AR (SOIC) GAIN

Component -1 +1 +2
S 604Q 953Q 681Q
RG 6040 - 681Q

0.1dB Flatness |130MHz | 100MHz |120MHz

Figure 2.2

As has been discussed, the CFB op amp
is relatively insensitive to capacitance
on the inverting input when it is used
in the inverting mode (as in an I/'V
application). This is because the low

" inverting input impedance is in parallel
with the external capacitance and tends
to minimize its effect. In the non-
inverting mode, however, even a few
picofarads of stray inverting input
capacitance may cause peaking and
instability. Figure 2.3 shows the effects
of adding summing junction capaci-
tance to the inverting input of the
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ADB8004 (SOIC package) for G = +2.
Note that only 1pF of added inverting
input capacitance (CJ) causes a signifi-
cant increase in bandwidth and an
increase in peaking. For G = -2, how-
ever, 5pF of additional inverting input
capacitance causes only a small in-
crease in bandwidth and no significant
increase in peaking.

High speed VFB op amps are sensitive
to stray inverting input capacitance
when used in either the inverting or
non-inverting mode.
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'AD8004 CFB OP AMP SENSITIVITY TO
INVERTING INPUT CAPACITANCE FORG =+2,G=-2
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Figure 2.3

DriviING CAPACITIVE LoADS

From system and signal fidelity points
of view, transmission line coupling
between stages is best, and is described
in some detail in the next section.
However, complete transmission line
system design may not always be
possible or practical. In addition, vari-
ous other parasitic issues need careful
consideration in high performance
designs. One such problem parasitic is
amplifier load capacitance, which
potentially comes into play for all wide
bandwidth situations which do not use
transmission line signal coupling.

A general design rule for wideband
linear drivers is that capacitive loading
(cap loading) effects should always be
considered. This is because PC board
capacitance can build up quickly,
especially for wide and long signal runs

over ground planes insulated by a thin,
higher K dielectric. For example, a
0.025” PC trace using a G-10 dielectric
of 0.03” over a ground plane will run
about 22pF/foot (Reference 1). Even
relatively small load capacitance (i.e.,
<100 pF) can be troublesome, since
while not causing outright oscillation, it
can still stretch amplifier settling time
to greater than desirable levels for a
given accuracy.

The effects of cap loading on high speed
amplifier outputs are not simply detri-
mental, they are actually an anathema
to high quality signals. However,
before-the-fact designer knowledge still
allows high circuit performance by
employing various tricks of the trade to
combat the capacitive loading. If it is
not driven via a transmission line,

2-3
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remote signal circuitry should be
checked for capacitive loading very
carefully, and characterized as best
possible. Drivers which face poorly
defined load capacitance should be
bullet-proofed accordingly with an
appropriate design technique from the
options list below.

Short of a true matched transmission
line system, a number of ways exist to
drive a load which is capacitive in
nature while maintaining amplifier
stability.

Custom capacitive load (cap load)
compensation includes two possible
options, namely a); overcompensation,
and b); an intentionally forced-high loop

noise gain allowing crossover in a stable
region. Both of these steps can be effec-
tive in special situations, as they reduce
the amplifier’s effective closed loop
bandwidth, so as to restore stability in
the presence of cap loading.

QOvercompensation of the amplifier,
when possible, reduces amplifier band-
width so that the additional load ca-
pacitance no longer represents a danger
to phase margin. As a practical matter
however, amplifier compensation nodes
to allow this are available on few high
speed amplifiers. One such useful
example is the AD829, compensated by
a single capacitor at pin 5. In general,
almost any amplifier using external
compensation can always be over
compensated to reduce bandwidth. This
will restore stability against cap loads,
by lowering the amplifier’s unity gain
frequency.

Forcing a high noise gain, is shown in
Figure 2.4, where the capacitively
loaded amplifier with a noise gain of
unity at the left is seen to be unstable,
due to a 1/B - open loop rolloff intersec-
tion on the Bode diagram in an un- -
stable -12dB/octave region. For such a
case, quite often stability can be re-
stored by introducing a higher noise
gain to the stage, so that the intersec-
tion then occurs in a stable —6dB/
octave region, as depicted at the dia-
gram right Bode plot.

To enable a higher noise gain (which
does not necessarily need to be the
same as the stage’s signal gain), use is
made of resistive or RC pads at the
amplifier input, as in Figure 2.5. This
trick is more broad in scope than over-
compensation, and has the advantage
of not requiring access to any internal
amplifier nodes. This generally allows
use with any amplifier setup, even
voltage followers. The technique adds
an extra resistor Rp, which works
against Rp to force the noise gain of the
stage to a level appreciably higher than
the signal gain (which is unity in both
cases here). Assuming that Cy,is a
value which produces a parasitic pole
near the amplifier’s natural crossover,
this loading combination would likely
lead to oscillation due to the excessive
phase lag. However with R connected,
the higher amplifier noise gain pro-
duces a new 1/B - open loop rolloff
intersection, about a decade lower in
frequency. This is set low enough that
the extra phase lag from Cp, is no
longer a problem, and amplifier stabil-
ity is restored.
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CAPACITIVE LOADING ON OP AMP GENERALLY REDUCES
PHASE MARGIN AND MAY CAUSE INSTABILITY,
BUT INCREASING THE NOISE GAIN OF THE CIRCUIT
IMPROVES STABILITY

NOISE GAIN = 1 R NOISE GAIN =1+ =2

— STABLE
NG = 1 + 5-2_ ————— n

R1

/—- UNSTABLE
0 N

LOG FREQUENCY

GAIN
(dB)

NG =1

LOG FREQUENCY

Figure 2.4

RAISING NOISE GAIN (DC OR AC) FOR
FOLLOWER OR INVERTER STABILITY

(A) FOLLOWER (B) INVERTER
Re VIN R Rf
Rp= . 'VW o \/\/\/‘ ) l\/\/\l
RE/M0
[ ) Vour
Rp = Vour
Co REI0
O ® +
VIN RL cL I %R
l o[ Li cL
\Y4

Figure 2.5
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A drawback to this trick is that the DC
offset and input noise of the amplifier
are raised by the value of the noise
gain, when the optional Cp is not
present. But, when Cpy is used in series
with R, the offset voltage of the ampli-
fier is not raised, and the gained-up AC
noise components are confined to a
frequency region above 1/(2n*Rp*Cp).
A further caution is that the technique
can be somewhat tricky when separat-
ing these operating DC and AC regions,
and should be applied carefully with
regard to settling time (Reference 2).

- Note that these simplified examples are

generic, and in practice the absolute
component values should be matched to
a specific amplifier.

“Passive” cap load compensation, shown
in Figure 2.6, is the most simple (and
most popular) isolation technique avail-
able. It uses a simple “out-of-the-loop”
series resistor Rx to isolate the cap
load, and can be used with any ampli-
fier, current or voltage feedback, FET or
bipolar input.

OPEN-LOOP SERIES RESISTANCE ISOLATES CAPACITIVE
LOAD FOR AD811 CURRENT FEEDBACK OP AMP
(CIRCUIT BANDWIDTH = 13.5MHz)

Figure 2.6

As noted, this technique can be applied
to virtually any amplifier, which is a
major reason why it is so useful. It is
shown here with a current feedback
amplifier suitable for high current line
driving, the AD811, and it consists of
just the simple (passive) series isolation

resistor, Rx. This resistor’s minimum
value for stability will vary from device
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to device, so the amplifier data sheet
should be consulted for other ICs.
Generally, information will be provided
as to the amount of load capacitance
tolerated, and a suggested minimum
resistor value for stability purposes.

Drawbacks of this approach are the loss
of bandwidth as Rx works against Cy,,



the loss of voltage swing, a possible
lower slew rate limit due to IpfaAx and
CL, and a gain error due to the Rx-RJ,
division. The gain error can be option-
ally compensated with Ry, which is
ratioed to Ry as Ry, is to Rx. In this
example, a $100mA output from the op
amp into Cy, can slew VoUT at a rate
of 100V/us, far below the intrinsic
ADS811 slew rate of 2500V/us. Although
the drawbacks are serious, this form of
cap load compensation is nevertheless
useful because of its simplicity. If the
amplifier is not otherwise protected,
then an RY resistor of 50-100€2 should
be used with virtually any amplifier
facing capacitive loading. Although a
non-inverting amplifier is shown, the
technique is equally applicable to
inverter stages.

With very high speed amplifiers, or in
applications where lowest settling time
is critical, even small values of load
capacitance can be disruptive to fre-
quency response, but are nevertheless
sometimes inescapable. One case in
point is an amplifier used for driving
ADC inputs. Since high speed ADC
inputs quite often look capacitive in
nature, this presents an oil/water type
problem. In such cases the amplifier
must be stable driving the capacitance,
but it must also preserve its best band-
width and settling time characteristics.
To address this type of cap load case, Rg
and Cp, performance data for a specified
settling time is most appropriate.
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Some applications, in particular those
that require driving the relatively high
impedance of an ADC, do not have a -
convenient back termination resistor to
dampen the effects of capacitive load-
ing. At high frequencies, an amplifier’s
output impedance is rising with fre-
quency and acts like an inductance,
which in combination with Cy, causes
peaking or even worse, oscillation.
When the bandwidth of an amplifier is
an appreciable percentage of device
Fy,the situation is complicated by the
fact that the loading effects are re-
flected back into its internal stages. In
spite of this, the basic behavior of most
very wide bandwidth amplifiers such as
the AD8001 is very similar.

In general, a small damping resistor
(Rg) placed in series with Cy, will help
restore the desired response (see Figure
2.7). The best choice for this resistor’s
value will depend upon the criterion
used in determining the desired re-
sponse. Traditionally, simply stability
or an acceptable amount of peaking has
been used, but a more strict measure
such as 0.1% (or even 0.01%) settling
will yield different values. For a given
amplifier, a family of Rg - Cp, curves
exists, such as those of Figure 2.7.
These data will aid in selecting Rg for a
given application.
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AD8001 Rs REQUIRED FOR VARIOUS CL VALUES

40 +
— G =+2,0.1% SETTLING
Rs

30 + /

Rs c
L
ADS8001 g

(«) G=+2,

20+ 20% OVERSHOOT

10 + N—G =+10,

20% OVERSHOOT
0 - } : : =
20 40 60 80 100
CL (pF)
Figure 2.7

The basic shape of this curve can be
easily explained. When Cj, is very
small, no resistor is necessary. When
Cj, increases to some threshold value
an Rg becomes necessary. Since the
frequency at which the damping is
required is related to the Rg*Cy, time
constant, the Rg needed will initially
increase rapidly from zero, and then
will decrease as Cy, is increased further.
A relatively strict requirement, such as
for 0.1%, settling will generally require
a larger Rg for a given Cy,, giving a
curve falling higher (in terms of Rg)
than that for a less stringent require-
ment, such as 20% overshoot. For the
common gain configuration of +2, these
two curves are plotted in the figure for
0.1% settling (upper-most curve) and
20% overshoot (middle curve). It is also
worth mentioning that higher closed
loop gains lessen the problem dramati-

cally, and will require less Rg for the
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same performance. The third (lower-
most) curve illustrates this, demon-
strating a closed loop gain of 10 Rg
requirement for 20% overshoot for the
ADB8001 amplifier. This can be related
to the earlier discussion associated with
Figure 2.5.

The recommended values for Rg will
optimize response, but it is important to
note that generally Cy, will degrade the
maximum bandwidth and settling time
performance which is achievable. In the
limit, a large Rg*CJ, time constant will
dominate the response. In any given
application, the value for Rg should be
taken as a starting point in an optimi-
zation process which accounts for board
parasitics and other secondary effects.

Active or “in-the-loop” cap load compen-
sation can also be used as shown in
Figure 2.8, and this scheme modifies the




passive configuration to provide feed-
back correction for the DC & low fre-
quency gain error associated with Rx.
In contrast to the passive form, active
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compensation can only be used with
voltage feedback amplifiers, because
current feedback amplifiers don’t allow
the integrating connection of Cp,

ACTIVE "IN-LOOP" CAPACITIVE LOAD COMPENSATION
CORRECTS FOR DC AND LF GAIN ERRORS

Vour

CL 500Q
1nF

Figure 2.8

This circuit returns the DC feedback
from the output side of isolation resistor
Ry, thus correcting for errors. AC
feedback is returned via Cg, which -
bypasses Rx/Rp at high frequencies.
With an appropriate value of Cp (which
varies with Cy,, for fixed resistances)
this stage can be adjusted for a well
damped transient response (Reference
2,3). There is still a bandwidth reduc-
tion, a headroom loss, and also (usu-
ally) a slew rate reduction, but the DC
errors can be very low. A drawback is
the need to tune Cp to Cp,, as even if
this is done well initially, any change to
Cy, will alter the response away from
flat. The circuit as shown is useful for
voltage feedback amplifiers only, be-

cause capacitor Cp provides integration
around Ul. It also can be implemented
in inverting fashion, by driving the
bottom end of R]N.

Internal cap load compensation involves
the use of an amplifier which has topo-
logical provisions for the effects of
external cap loading. To the user, this is
the most transparent of the various
techniques, as it works for any feedback
situation, for any value of load capaci-
tance. Drawbacks are that it produces
higher distortion than does an otherwise
similar amplifier without the network,
and the compensation against cap
loading is somewhat signal level depen-
dent.
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The internal cap load compensated
amplifier sounds at first like the best of
all possible worlds, since the user need
do nothing at all to set it up. Figure 2.9,
a simplified diagram of an AD817
amplifier with internal cap load com-
pensation, shows how it works. The cap

load compensation is the Cp -resistor
network shown around the unity gain
output stage of the amplifier - note that
the dotted connection of this network
underscores the fact that it only makes
its presence felt for certain load condi-
tions.

AD817 SIMPLIFIED SCHEMATIC ILLUSTRATES INTERNAL
COMPENSATION FOR DRIVING CAPACITIVE LOADS

+Vg

OUTPUT

NULL 1 NULL 8

) . e
¢+ - —|C|F--va
&4

& 0O ~Vg
I3

Figure 2.9

Under normal (non-capacitive or light
resistive) loading, there is limited
input/output voltage error across the
output stage, so the Cp network then
sees a relatively small voltage drop,
and has little or no effect on the
ADS817s high impedance compensation
node. However when a capacitor (or
other heavy) load is present, the high
currents in the output stage produce a
voltage difference across the Cp net-
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work, which effectively adds capaci-
tance to the compensation node. With
this relatively heavy loading, a net
larger compensation capacitance re-
sults, and reduces the amplifier speed
in a manner which is adaptive to the
external capacitance, C1,. As a point of
reference, note that it requires 6.3mA
peak current to support a 2Vp-p swing
across a 100pF load at 1I0MHz.



Since this mechanism is resident in the
amplifier output stage and it affects the
overall compensation characteristics
dynamically, it acts independent of the
specific feedback hookup, as well as size
of the external cap loading. In other
words, it can be transparent to the user
in the sense that no specific design
conditions need be set to make it work
(other than selecting an IC which
employs it). Some amplifiers using
internal cap load compensation are the
AD847 and the AD817, and their dual
equivalents, AD827 and AD826.

There are, however, some caveats also
associated with this internal compensa-
tion scheme. As with the passive com-
pensation techniques, bandwidth
decreases as the device slows down to
prevent oscillation with higher load
currents. Also, this adaptive compensa-
tion network has its greatest effect
when enough output current flows to
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produce significant voltage drop across
the Cp network. Conversely, at small
signal levels, the effect of the network
on speed is less, so greater ringing may
actually be possible for some circuits for
lower-level outputs.

The dynamic nature of this internal cap
load compensation is illustrated in
Figure 2.10, which shows an AD817
unity gain inverter being exercised at
both high and low output levels, with
common conditions of Vg = 15V, R[, =
1kQ, C1, = InF, and using 1kQ input/
feedback resistors. In both photos the
input signal is on the top trace and the
output signal is on the bottom trace,
and the time scale is fixed. In the 10V
p-p output (A) photo at the left, the
output has slowed down appreciably to
accommodate the capacitive load, but
settling is still relatively clean, with a
small percentage of overshoot. This
indicates that for this high level case,

RESPONSE OF INTERNAL CAP LOAD COMPENSATED
AMPLIFIER VARIES WITH SIGNAL LEVEL

(A) VouT = 10V p-p

Vertical Scale: 5Vidiv

(B) VOUT = 200mV p-p

Vertical Scale, 100mV/div
Eﬁllllllml

Horizontal Scale: 500ns/div

AD817 INVERTER
RF = RIN = 1kQ
RL =1kQ, CL = 1nF, Vs = ¥15V

Figure 2.10
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the bandwidth reduction due to Cy, is
most effective. However, in the (B)
photo at the right, the 200mVp-p out-
put shows greater overshoot and ring-
ing, for the lower level signal. The point
is that the performance of the cap load
compensated amplifier is signal depen-
dent, but is always stable with any cap
load.

Finally, because the circuit is based on
a nonlinear principle, the internal
network affects distortion performance
and load drive ability, and these factors
influence amplifier performance in
video applications. Though the
network’s presence does not by any
means make devices like the AD847 or
AD817 unusable for video, it does not
permit the very lowest levels of distor-
tion and differential gain and phase
which are achievable with otherwise
comparable amplifiers (for example, the
ADB818 which is an AD817 without the
internal compensating network).

While the individual techniques for
countering cap loading outlined above
have various specific tradeoffs as noted,
all of the techniques have a common
drawback of reducing speed (both
bandwidth and slew rate). If these
parameters cannot be sacrificed, then a
matched transmission line system is
the solution, and is discussed in more
detail later in the chapter. As for choos-
ing among the cap load compensation
schemes, it would seem on the surface

CABLE DRIVERS AND RECEIVERS

High quality video signals are best
transmitted over terminated coaxial
cable having a controlled characteristic
impedance. The characteristic imped-
ance is given by the equation Zo =
V(L/C) where L is the distributed induc-
tance per foot, and C is the distributed
capacitance per foot. Popular values are
50, 75, and 93 or 100Q.
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that amplifiers using the internal form
offer the best possible solution to the
problem- just pick the right amplifier
and forget about it. And indeed, that
would seem the “panacea” solution for.
all cap load situations - if you use the
“right” amplifier you never need to
think about cap loading again. Could
there be more to it?

Yes! The “gotcha” of internal cap load
compensation is subtle, and lies in the
fact that the dynamic adaptive nature
of the compensation mechanism actu-
ally can produce higher levels of distor-
tion, vis-a-vis an otherwise similar
amplifier, without the Cp -resistor
network. Like the old saying about no
free lunches, if you care about attaining
top-notch levels of high frequency AC
performance, you should give the issue
of whether to use an internally compen-
sated cap load amplifier more serious
thought than simply picking a trendy
device. .

On the other hand, if you have no
requirements for the lowest levels of
distortion, then such an amplifier could
be a good choice. Such amplifiers are
certainly easier to use, and relatively
forgiving about loading issues. Some
applications of this chapter illustrate
the distortion point specifically, quoting
performance in a driver circuit with/
without the use of an internal cap load
compensated amplifiers.

If a length of ¢coaxial cable is termi-
nated, it presents a resistive load to the
driver. If left unterminated, however, it
may present a predominately capacitive
load to the driver depending on the
output frequency. If the length of an
unterminated cable is much less than
the wavelength of the output frequency
of the driver, then the load appears



approximately as a lumped capacitance.
For instance, at the audio frequency of
20kHz (wavelength =~ 50,000 feet, or

- 9.5miles), a 5 foot length of
unterminated 50Q2 coaxial cable would
appear as a lumped capacitance of
approximately 150pF (the distributed
capacitance of coaxial cable is about
30pF/ft). At 100MHz (wavelength = 10
feet), however, the unterminated coax
must be treated as a transmission line
in order to calculate the standing wave
pattern and the voltage at the
unterminated cable output.

Because of skin effect and wire resis-
tance, coaxial cable exhibits a loss
which is a function of frequency. This
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varies considerably between cable
types. For instance the attenuation in
at 100MHz of RG188A/U is 8dB/100ft,
RG58/U is 5.5dB/100ft, and RG59/U
3.6dB/100ft (Reference 4).

Skin effect also affects the pulse re-
sponse of long coaxial cables. The
response to a fast pulse will rise
sharply for the first 50% of the output
swing, then taper off during the re-
maining portion of the edge. Calcula-
tions show that the 10 to 90%
waveform risetime is 30 times greater
than the 0 to 50% risetime when the
cable is skin effect limited (see Refer-
ence 5).

DRIVING CABLES

B All Interconnections are Really Transmission Lines Which
Have a Characteristic Impedance (Even if Not Controlled)

B The Characteristic Impedance is Equal to \/L/C, where L
and C are the Distributed Inductance and Capacitance

B Correctly Terminated Transmission Lines Have Impedances Equal
to Their Characteristic Inpedance

B Unterminated Transmission Lines Behave Approximately as
Lumped Capacitance if the Wavelength of the Output Frequency
is Much Greater than the Length of the Cable

4 Example: At 20kHz (Wavelength = 9.5 miles), 5 feet of
Unterminated 50Q Cable (30pF/ft) Appears Like 150pF Load

¢ Example: At 100MHz (Wavelength = 10 feet), 5 feet of
50Q Cable Must be Properly Terminated to Prevent
Reflections and Standing Waves!!!!

Figure 2.11




Hicua SPEED DESIGN TECHNIQUES

It is useful to examine what happens
for conditions of proper and improper
cable source/load terminations. To
illustrate the behavior of a high speed
op amp driving a coaxial cable, consider
the circuit of Figure 2.12. The AD8001
drives 5 feet of 50C2 coaxial cable which
is load-end terminated in the character-
istic impedance of 50€). No termination
is used at the amplifier (driving) end.
The pulse response is also shown in the
figure.

The output of the cable was measured
by connecting it directly to the 50Q2
input of a 500MHz Tektronix 644A
digitizing oscilloscope. The 502 resistor
termination is actually the input of the

scope. The 50Q load is not a perfect
termination (the scope input capaci-
tance is about 10pF), so some of the
pulse is reflected out of phase back to
the source. When the reflection reaches
the op amp output, it sees the closed-
loop output impedance of the op amp
which, at 100MHz, is approximately
100Q2. Thus, it is reflected back to the
load with no phase reversal, accounting
for the negative-going “blip” which
occurs approximately 16ns after the
leading edge. This is equal to the
round-trip delay of the cable (2¢5ft*1.6
ns/ft=16ns). In the frequency domain
(not shown), the cable mismatch will
cause a loss of bandwidth flatness at
the load.

PULSE RESPONSE OF AD8001 DRIVING
5 FEET OF LOAD-TERMINATED 50Q2 COAXIAL CABLE

5ft

8ns

|
|
|
!
Vj I
|
|
|
|
|

o6
PULSE S
INPUT
53.6Q
VERTICAL = Fifeieiinn

SCALE: 200mV/div [J

HORIZONTAL
SCALE: 10ns/div

SCOPE
OUTPUT

Figure 2.12



Figure 2.13 shows a second case, the
results of driving the same coaxial
cable, but now used with both a 5002
source-end as well as a 50Q2 load-end
termination. This case is the preferred
way to drive a transmission line, be-
cause a portion of the reflection from
the load impedance mismatch is ab-
sorbed by the amplifier’s source termi-
nation resistor. The disadvantage is
that there is a 2x gain reduction, be-
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cause of the voltage division between
the equal value source/load termina-
tions. However, a major positive at-
tribute of this configuration, with
matched source and load terminations
in conjunction with a low-loss cable, is
that the best bandwidth flatness is
ensured, especially at lower operating
frequencies. In addition, the amplifier is
operated under near optimum loading
conditions, i.e., a resistive load.

PULSE RESPONSE OF AD8001 DRIVING 5 FEET
OF SOURCE AND LOAD-TERMINATED 50Q COAXIAL CABLE

s A
PULSE 8490 } SCOPE
INPUT |
53.60Q ', 1T
| 5002 10pF
| T
|
|
VERTICAL
. SCALE: 100mV/div
SCOPE
HORIZONTAL = OUTPUT

SCALE: 10ns/div

Figure

Source-end (only) terminations can also
be used as shown in Figure 2.14, where
the op amp is source terminated by the
50Q2 resistor which drives the cable.
The scope is set for 1MQ input imped-
ance, representing an approximate
open circuit. The initial leading edge of
the pulse at the op amp output sees a
100Q2 load (the 50C2 source resistor in

series with the 50Q coax impedance.

213

When the pulse reaches the load, a
large portion is reflected in phase
because of the high load impedance,
resulting in a full-amplitude pulse at
the load. When the reflection reaches
the source-end of the cable, it sees the
50€2 source resistance in series with the
op amp closed loop output impedance
(approximately 100Q2 at the frequency
represented by the 2ns risetime pulse
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edge). The reflected portion remains in
phase, and appears at the scope input

as the positive-going “blip” approxi-
mately 16ns after the leading edge.

PULSE RESPONSE OF AD8001 DRIVING 5 FEET
OF SOURCE-TERMINATED 502 COAXIAL CABLE

500 5ft

!

|

|

|

° [l

Y
8ns | 1MQ

|

|

}

|

PULSE YT
INPUT
53.6Q
VERTICAL

SCALE: 200mV/div

HORIZONTAL
SCALE: 10ns/div

SCOPE
OUTPUT

Figure 2.14

From these experiments, one can easily
see that the preferred method for
minimum reflections (and therefore
maximum bandwidth flatness) is to use
both source and load terminations and
try to minimize any reactance associ-
ated with the load. The experiments
represent a worst-case condition, where
the frequencies contained in the fast
edges are greater than 100MHz. (Using
the rule-of-thumb that bandwidth =
0.35/risetime). At video frequencies,
either load-only, or source-only termi-

nations may give acceptable results,
but the data sheet should always be
consulted to determine the op amp’s
closed-loop output impedance at the
maximum frequency of interest. A
major disadvantage of the source-only
termination is that it requires a truly
high impedance load (high resistance
and minimal parasitic capacitance) for
minimum absorption of energy. It also
places a burden on this amplifier to
maintain a low output impedance at

Adlsal



Now, for a truly worst case, let us
replace the 5 feet of coaxial cable with
an uncontrolled-impedance cable (one
that is largely capacitive with little
inductance). Let us use a capacitance of
150pF to simulate the cable (corre-
sponding to the total capacitance of 5 .
feet of coaxial cable whose distributed

capacitance is about 30pF/foot). Figure

2.15 shows the output of the AD8001
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driving a lumped 160pF capacitance
(including the scope input capacitance
of 10pF). Notice the overshoot and
ringing on the pulse waveform due to
the capacitive loading. This example
illustrates the need to use good quality
controlled-impedance coaxial cable in
the transmission of high frequency
signals.

PULSE RESPONSE OF AD8001 DRIVING 160pF || 502 LOAD

PULSE S0
INPUT
53.6Q
VERTICAL

SCALE: 200mV/div

HORIZONTAL
SCALE: 10ns/div

WV S
649Q |  SCOPE
+5V | «— DIRECT — |
CONNECTION " |
AD8001 1= i -
+ 150pF | 500 L 10pF
5V 1 L3 1
V4 |
B i
4 H T T T L ___________
SCOPE
OUTPUT

Figure 2.15




HicH SPEED DESIGN TECHNIQUES

A HigH PERFORMANCE VIDEO LINE DRIVER

The AD8047 and AD8048 VFB op amps
have been optimized to offer outstand-
ing performance as video line drivers.
They utilized the “quad core” g, stage
as previously described for high slew
rate and low distortion. The AD8048
(optimized for G = +2) has a differential
gain of 0.01% and a differential phase

of 0.02°, making it suitable for HDTV
applications. In the configuration
shown in Figure 2.16, the 0.1dB band-
width is 50MHz for +5V supplies, slew
rate is 1000V/us, and 0.1% settling
time is 13ns. Total quiescent current is
6mA (z£5V), and quiescent power dissi-
pation 60mW.

VIDEO LINE DRIVER USING AD8047/AD8048:
AG = 0.01%, A¢ = 0.02°, 50MHz 0.1dB BANDWIDTH, 6mA (+5V)

200Q 200Q

AAA

Yvy

+Vs

75Q
750 CABLE
A

Figure 2.16

DIFFERENTIAL LINE DRIVERS/RECEIVERS

Many applications require gain/phase
matched complementary or differential
signals. Among these are analog-
digital-converter (ADC) input buffers,
where differential operation can provide
lower levels of 2nd harmonic distortion
for certain converters. Other uses
include high frequency bridge excita-
tion, and drivers for balanced transmis-

sion twisted pair lines such as in ADSL
and HDSL.
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The transmission of high quality sig-
nals across noisy interfaces (either
between individual PC boards or be-
tween racks) has always been a chal-
lenge to design engineers. Differential
techniques using high common-mode-
rejection-ratio (CMRR) instrumentation
amplifiers largely solves the problem at
low frequencies.



At audio frequencies, transformers, or
products such as the SSM-2142 bal-
anced line driver and SSM-2141/SSM-
2143 line receiver offer outstanding
CMRRs and the ability to transmit low-
level signals in the presence of large
amounts of noise. At high frequencies,
small toroid transformers using bifilar
windings are effective.

The problem of signal transmission at
video frequencies is complex. Trans-
formers are not effective, because the
baseband video signal has low-fre-
 quency components down to a few tens
of Hz. Video signals are generally
single-ended, and therefore don’t adapt
easily to balanced transmission line
techniques. In addition, shielded twin-
conductor coaxial cable with good
bandwidth is usually somewhat bulky
and expensive. Finally, designing high
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CMRRs at high frequencies is an ex-
tremely difficult task.

Even with the above problems, there
are differential techniques available
now which offer distinct advantages
over single-ended methods. Some of
these techniques make use of discrete
components, while others utilize the
latest in state-of-the-art video differen-
tial amplifiers. '

Two solutions to the problem of differ-
ential transmission and reception are
shown in Figure 2.17. The first repre-
sents the ideal case, where a balanced
differential line driver drives a bal-
anced twin-conductor coaxial cable
which in turn drives a differential line
receiver. This circuit, however, is diffi-
cult to implement fully at video fre-
quencies for the reasons previously

bandwidth, low distortion differential discussed.
video drivers and receivers with high
TWO APPROACHES FOR
DIFFERENTIAL LINE DRIVING/RECEIVING
Ro/2
O + +
S
o - -
(O
GND A UVNOISE GND B
O—+ Ro »

5|

N\
@ VNOISE

Figure 2.17
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The second and most often used ap-
proach makes use of a single-ended
driver which drives a source-terminated
coaxial cable. The shield of the coaxial
cable is grounded at the transmitting
end. At the receiving end, the coaxial
cable is terminated in its characteristic
impedance, but the shield is left float-

ing in order to prevent a ground loop
between the two systems. The common
mode ground noise is rejected by the
CMRR of the differential line receiver.

" The success of this approach depends

upon the characteristics of the line
receiver.

Inverter-Follower Differential Driver

The circuit of Figure 2.18 is useful as a
high speed differential driver for driv-
ing high speed 10-12 bit ADCs, differ-
ential video lines, and other balanced
loads at levels of 1-4Vrms. As shown it
operates from +5V supplies, but it can
also be adapted to supplies in the range

of £5 to £15V. When operated directly
from 5V as here, it minimizes poten-
tial for destructive ADC overdrive when
higher supply voltage buffers drive a
+5V powered ADC, in addition to mini-
mizing driver power.

DIFFERENTIAL DRIVER USING INVERTER/FOLLOWER

VIN
O P

RiN

83.50 (750 )
53.60 (500)

RA

MA——0 Vouta
750

Ry

AN O Vouts

NOTE: DECOUPLING
NOT SHOWN

75Q




In many of these differential drivers the
performance criteria is high. In addition
to low output distortion, the two signals
should maintain gain/phase flatness. In
this topology, two sections of an AD812
dual current feedback amplifier are
used for the channel A & B buffers,
U1A & U1B. This can provide inher-
ently better open-loop bandwidth
matching than the use of two singles
(where bandwidth varies between
devices from different manufacturing
lots).

The two buffers here operate with
precise gains of 1, as defined by their
respective feedback and input resis-
tances. Channel B buffer U1B is con-
ventional, and uses a matched pair of
715Q resistors- the value for using the
ADS812 on 5V supplies.

In channel A, non-inverting buffer U1A
has an inherent signal gain of 1, by
virtue of the bootstrapped feedback
network Rpg1 and Rg1(Reference 5).
It also has a higher noise gain, for
phase matching. Normally a current
feedback amplifier operating as a
simple unity gain follower would use
one (optimum) resistor Rpg1, and no
gain resistor at all. Here, with input
resistor R added, a U1A noise gain
like that of U1B results. Due to the
bootstrap connection of RFg1-Ri1, the
signal gain is maintained at unity.
Given the matched open loop band-
widths of U1lA and U1B, similar noise
gains in the A-B channels provide
closely matched output bandwidths
between the driver sides, a distinction
which greatly impacts overall matching
performance.

In setting up a design for the driver,
the effects of resistor gain errors should
be considered for Rgo-RrpBo. Here a
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worst case 2% mis-match will result in
less than 0.2dB gain error between
channels A and B. This error can be
improved simply by specifying tighter
resistor ratio matching, avoiding trim-
ming.

If desired, phase matching is trimmed
via R@1, so that the phase of channel A
closely matches that of B. This can be
done for new circuit conditions, by
using a pair of closely matched (0.1% or
better) resistors to sum the A and B
channels, as Rz is adjusted for the
best null conditions at the sum node.
The A-B gain/phase matching is quite
effective in this driver, with test results
of the circuit as shown 0.04dB and 0.1°
between the A and B output signals at
10MHz, when operated into dual 150Q2
loads. The 3dB bandwidth of the driver
is about 60MHz.

Net input impedance of the circuit is set
to a standard line termination value
such as 75Q (or 50Q), by choosing RIN
so that the desired value results with
RIN in parallel with Rgg. In this
example, an RN value of 83.5Q2 pro-
vides a standard input impedance of
75Q) when paralleled with 715Q. For
the circuit just as shown, dual voltage
feedback amplifier types with suffi-
ciently high speed and low distortion
can also be used. This allows greater
freedom with regard to resistor values
using such devices as the AD826 and
ADB828.

Gain of the circuit can be changed if
desired, but this is not totally straight-
forward. An easy step to satisfy diverse
gain requirements is to simply use a
triple amplifier such as the AD813,
with the third channel as a variable
gain input buffer.
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Cross-Coupled Differential Driver

Another differential driver approach
uses cross-coupled feedback to get very
high CMR and complementary outputs
at the same time. In Figure 2.19, by
connecting AD8002 dual current feed-

back amplifier sections as cross-coupled
inverters, their outputs are forced equal
and opposite, assuring zero output
common mode voltage.

CROSS-COUPLED DIFFERENTIAL DRIVER
PROVIDES BALANCED OUTPUTS AND 250MHz BANDWIDTH

01’ 0.9pF (see text)
ViN Ri R2
o— Wy

511Q 5110

+5V
WA _‘?I\ Voura T
AD8002 AN O AOUT
1 Rx T 49.90
F—————
Vout
l Vours \m
AN O BouT
R3
(see text) 480
NOTE: ALL RESISTORS 1%
DECOUPLING NOT SHOWN
U1B  ADS002

Figure 2.19

The gain cell which results, UlA and
U1B plus cross-coupling resistances Ry,
is fundamentally a differential input
and output topology, but it behaves as a
voltage feedback amplifier with regard
to the feedback port at the UlA (+)
node. The gain of the stage from V] to

Vouris:

G- YOUT _2R2
VIN R1

where Vou is the differential output,
equal to VOUTA — VOUTB-

This relationship may not be obvious,
so it can be derived as follows:

Using the conventional inverting op
amp gain equation, the input voltage
VIN develops an output voltage
VOUTB given by:

¢

Rl

=]
N

VouTB =-VIN



Also, VoUuTA =-VOUTB:
because VoUTA is inverted by U1B.

However, VouT = VOUTA - VOUTB =
-2VOUTB-

Therefore,
R2 R2
=-2[-V ———) =2VIN —
Vour ( IN &7 IN &7
and
VourT _2R2
VIN R1

This circuit has some unique benefits.
First, differential gain is set by a single
resistor ratio, so there is no necessity
for side-side resistor matching with
gain changes, as is the case for conven-
tional differential amplifiers (see line
receivers, below). Second, because the
(overall) circuit emulates a voltage
feedback amplifier, these gain resis-
tances are not as restrictive as in the
case of a conventional current feedback
amplifier. Thus, they are not highly
critical as to value as long as the
equivalent resistance seen by UlA is
reasonably low (£1kQ in this case).
Third, the cell bandwidth can be opti-
mized to the desired gain by a single
optional resistor, R3, as follows. If for
instance, a net gain of 20 is desired (R2/
R1=10), the bandwidth would otherwise
be reduced by roughly this amount,
since without R3, the cell operates with
a constant gain-bandwidth product
(working in the voltage feedback mode).
With R3 present however, advantage
can be taken of the AD8002 current
feedback amplifier characteristics.
Additional internal gain is added by the
connection of R3, which, given an
appropriate value, effectively raises
gain-bandwidth to a level so as to
restore the bandwidth which would
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otherwise be lost by the higher closed
loop gain.

In the circuit as shown, no R3 is neces-
sary at the low working gain of 2 times
differential, since the 511Q2 Rx resistors
are already optimized for maximum
bandwidth. Note that these four
matched Ry resistances are somewhat
critical, and will change in absolute
value with the use of another current
feedback amplifier. At higher gain
closed loop gains as set by R2/R1, R3
can be chosen to optimize the working
transconductance in the input stages of
U1A and U1B, as follows:

Rx

R3= Re/RD-1

As in any high speed inverting feedback
amplifier, a small high-Q chip type
feedback capacitance, C1, may be
needed to optimize flatness of frequency
response. In this example, a 0.9pF
value was found optimum for minimiz-
ing peaking. In general, provision
should be made on the PC layout for an

NPO chip capacitor in the range of 0.5-

2pF. This capacitor is then value se-
lected at board characterization for
optimum frequency response.

For the dual trace, 1-500MHz swept
frequency response plot of Figure 2.20,
output levels were 0dBm into matched
5002 loads, through back termination
resistances RTA and RTB, at VoyTa
and VoQUTB. In this plot the vertical
scale is 2dB/div, and it shows the 3dB
bandwidth of the driver measuring
about 250MHz, with peaking about
0.1dB. The four Ry resistors along with
RTA and RTR control low frequency
amplitude matching, which was within
0.1dB in the lab tests, using 511Q 1%
resistor types. For tightest amplitude
matching, these resistor ratios can be
more closely controlled.
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FREQUENCY RESPONSE OF AD8002 CROSS-COUPLED
DRIVER IS > 250MHz (C1 = 0.9pF % 0.1pF)

RELATIVE
RESPONSE , 1
(dB) 4+
% T AOUT
8T m—me——— B OUT
=10 T
2 -
14 +
16 -
-18 f I i ! ) l I
10 20 40 100 200 400
FREQUENCY (MHz)
Figure 2.20

Due to the high gain-bandwidths in-
volved with the AD8002, the construc-
tion of this circuit should follow RF
rules, with the use of a ground plane,

4 Resistor Differential Line Receiver

Figure 2.21 shows a low cost, medium
performance line receiver using a high
speed op amp rated for video use. It is
actually a standard 4 resistor difference
amplifier optimized for high speed, with
a differential to single-ended gain of
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chip bypass capacitors of zero lead
length at the £5V supply pins, and
surface mount resistors for lowest
inductance.

R2/R1. Using low value, DC accurate/
AC trimmed resistances for R1-R4 and
a high speed, high CMR op amp pro-
vides the good performance.



L
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SIMPLE VIDEO LINE RECEIVER USING THE AD818 OP AMP

Ry

AC CMR
ADJUST
Figure 2.21

Practically speaking however, at low matically so. A single substrate dual
frequencies resistor matching can be matched pair thin film network is
more critical to overall CMR than the preferred, for reasons of best noise
rated CMR of the op amp. For example, rejection and simplicity. One type
the worst case CMR (in dB) of this suitable is the Ohmtek 1005, (Refer-
circuit due to resistor mismatch is: ence 6) which has a ratio match of

0.1%, which will provide a worst case

low frequency CMR of 66 dB.

: 1+ R2
CMR = 20log1o Rl This circuit has an interesting and
4Kr |- desirable side property. Because of the

resistors it divides down the input

voltage, and the amplifier is protected
In this expression the term “Kr” is a against overvoltage. This allows CM
single resistor tolerance in fractional voltages to exceed +5V supply rails in
form (1%=0.01, etc.), and it is assumed some cases without hazard. For opera-
the amplifier has significantly higher tion with £15V supplies, inputs should
CMR (2100dB). Using discrete 1% not exceed the supply rails.

metal films for RI/R2 and R3/R4 yields
a worst case CMR of 34dB, 0.1% types At frequencies above 1MHz, the bridge

54d.B, etc. Of course 4 random 1% balance is dominated by AC effects, and
resistors will on the average yield a a C1-C2 capacitive balance trim should
CMR better than 34dB, but not dra- be used for best performance. The C1
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adjustment is intended to allow this,
providing for the cancellation of stray
layout capacitance(s) by electrically
matching the net C1-C2 values. In a
given PC layout with low and stable
parasitic capacitance, C1 is best ad-
justed once in 0.5pF increments, for
best high frequency CMR. Using desig-
nated PC pads, production values then
would use the trimmed value. Good AC
matching is essential to achieving good
CMR at high frequencies. C1-C2 should
be types similar physically, such as
NPO (or other stable) ceramic chip style
capacitors.

While the circuit as shown has unity
gain, it can be gain-scaled in discrete
steps, as long as the noted resistor
ratios are maintained. In practice, this
means using taps on a multi-ratio
network for gain change, so as to raise
both R2 and R4, in identical propor-
tions. There is no other simple way to
change gain in this receiver circuit.
Alternately, a scheme for continuous
gain control without interaction with
CMR is to follow this receiver with a
scaling amplifier/driver with adjustable
gain. The similar AD828 dual amplifier

- allows this with the addition of only two

resistors.

Video gain/phase performance of this
stage is dependent upon the device used
for U1 and the operating supply volt-
ages. Suitable voltage feedback amplifi-
ers work best at supplies of £10 - £15V,
which maximizes op amp bandwidth.
And, while many high speed amplifiers
function in this circuit, those expressly
designed with low distortion video
operation perform best. The circuit as
shown can be used with supplies of +5
to £15V, but lowest NTSC video distor-
tion occurs for supplies of 10V or more,
where differential gain/differential
phase errors are less than 0.01%/0.05°.
Operating at £5V supplies, the distor-
tion rises somewhat, but the lowest
power drain of 70mW occurs.

One drawback to this circuit is that it
does load a 75Q2 video line to some
extent, and so should be used with this
loading taken into account. On the plus
side, it has wide dynamic range for both
signal and CM voltages, plus the inher-
ent overvoltage protection.

Active Feedback Differential Line Receiver

Fully integrating the line receiver
function eliminates the resistor-related
drawbacks of the 4 resistor line re-
ceiver, improving CMR performance,
ease of use, and overall circuit flexibil-
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ity. An IC designed for this function is
the AD830 active feedback amplifier
(Reference 7,8). Its use as a differential
line receiver with gain is illustrated in
Figure 2.22.



HicH SPEED OP AMP APPLICATIONS

VIDEO LOOP-THROUGH CONNECTION USING THE AD830

Vp
AD830 | L|__{>

0.1uF Rt
75Q
7
R
750
6 |NC
3 R2
> 49
5 | [ 90
0.1uF
N
1 R1

CA=5.1pF (215V)
Ca= 12pF (£5V)

Figure 2.22

The AD830 operates as a feedback
amplifier with two sets of fully differen-
tial inputs, available at pins 1-2 and 3-
4, respectively. Internally, the outputs
of the two stages are summed and drive
a buffer output stage. Both input stages
“have high CMR, and can handle differ-
ential signals up to 2V, and CM volt-
ages can range up to —-Vg+3V or
+Vg—2.1V, with a £1V differential input
applied. While the AD830 does not
normally need protection against CM
voltages, if sustained transient voltage
beyond the rails is encountered, an
optional pair of equal value (2200Q2)
resistances can be used in series with
pins 1-2.

In this device the overall feedback loop
operates so that the differential volt-
ages V1.9 and V3_4 are forced to be
equal. Feedback is taken from the
output back to one input differential

pair, while the other pair is driven by a
differential input signal. An important
point of this architecture is that high
CM rejection is provided by the two
differential input pairs, so CMR isn’t
dependent on resistor bridges and their
associated matching problems. The
inherently wideband balanced circuit
and the quasi-floating operation of the
driven input provide the high CMR,
which is typically 100dB at DC.

The general expression for the Ul
stage’s gain “G” is like a non-inverting
op amp, or:

Gg-Yyour _,, R2

VIN R1

For lowest DC offset, balancing resistor
R3 is used (equal to R11 | R2).
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In this example of a video “loop-
through” connection, the input signal
tapped from a coax line and applied to
one input stage at pins 1-2, with the
scaled output signal tied to the second
input stage between pins 3-4. With the
R1-R2 feedback attenuation of 2/1, the
net result is that the output of U1, is
then equal to 2¢Vyy, i.e., a gain of 2.

Functionally, the input and local
grounds are isolated by the CMR of the
ADB830, which is typically 75dB at
frequencies below 1MHz, 60dB at
4.43MHz, and relatively supply inde-
pendent.

With the addition of an output source
termination resistor R, this circuit has
an overall loaded gain of unity at the

load termination, RJ,. It is a ground
isolating video repeater, driving the
terminated 75Q output line, delivering
a final output equal to the original
input, VIN.

NTSC video performance will be depen-
dent upon supplies. Driving a terminat-
ed line as shown, the circuit has
optimum video distortion levels for Vg =
+15V, where differential gain is typi-
cally 0.06%, and differential phase
0.08°. Bandwidth can be optimized by
the optional 5.1pF (or 12pF) capacitor,
Ca, which allows a 0.1dB bandwidth of
10MHz with £15V operation. The
differential gain and phase errors are
about 2x at +5V.

Hicua SPEED CLAMPING AMPLIFIERS

There are many situations where it is
desirable to clamp the output of an op
amp to prevent overdriving the cir-
cuitry which follows. Specially designed
high speed, fast recovery clamping
amplifiers offer an attractive alterna-
tive to designing external clamping/
protection circuits. The AD8036/
AD8037 low distortion, wide bandwidth
clamp amplifiers represent a significant
breakthrough in this technology. These
devices allow the designer to specify a
high (Vi) and low (V1,) clamp voltage.
The output of the device clamps when
the input exceeds either of these two
levels. The AD8036/AD8037 offer
superior clamping performance com-
pared to competing devices that use
output-clamping. Recovery time from
overdrive is less than 5ns.

The key to the AD8036 and AD8037’s
fast, accurate clamp and amplifier
performance is their proprietary input
clamp architecture. This new desi

4 a1k vV A ARAW AR VY

reduces clamp errors by more than 10x
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over previous output clamp based
circuits, as well as substantially in-
creasing the bandwidth, precision, and
versatility of the clamp inputs.

Figure 2.23 is an idealized block dia-
gram of the AD8036 connected as a
unity gain voltage follower. The pri-
mary signal path comprises Al (a
1200V/us, 240MHz high voltage gain,
differential to single-ended amplifier)
and A2 (a G=+1 high current gain
output buffer). The AD8037 differs from
the AD8036 only in that Al is opti-
mized for closed-loop gains of two or
greater.

The input clamp section is comprised of
comparators Cy and Cy,, which drive
switch S1 through a decoder. The unity-
gain buffers in series with the +V]y,
VH, and V[, inputs isolate the input
pins from the comparators and S1
without reducing bandwidth or preci-

mavid.
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AD8036/AD8037 CLAMP AMPLIFIER EQUIVALENT CIRCUIT

~“Viy i
+Vn O = }_, A
| N
VHO 1\ B I
Co |
VL o——-|—>— ! st ABCl|
{ VN >VH 010 I
| 3
I Cu VLSVN S VR 1 0 0 l
¢ -
I VlN < VL 0 0 1 |
! |
| o
e e o e e -
Figure 2.23
The two comparators have about the In practice, the AD8036 comes close to
same bandwidth as A1 (240MHz), so this ideal behavior. As the +Vyp input
they can keep up with signals within voltage ramps from zero to 1V, the
the useful bandwidth of the AD8036. To  output of the high limit comparator Cy
illustrate the operation of the input starts in the off state, as does the
clamp circuit, consider the case where output of QL- When +V]N just exceeds
Vy is referenced to +1V, V], is open, VH (practically, by about 18mV), Cy
and the AD8036 is set for a gain of +1 changes state, sw1tch.1ng S1 fl‘OI_n “A” to
by connecting its output back to its “B” .reference level. Since the + input of
inverting input through the recom- Al is now connected to V, further
mended 140Q feedback resistor. Note increases in +VyN have no effect on the
that the main signal path always {&D8036 s output voltage: The @8036
operates closed loop, since the clamping 18 NOW operating as a unity-gain buffer
circuit only affects A1’s noninverting for the Vyy input, as any va.rlatlon n
input. Vi, for Vi > 1V, will be faithfully
produced at VoyuT.

If a OV to +2V voltage ramp is applied ) )

to the AD8036’s + V[ for the connec- Qperatlon of the AD8036' for negative
tion just described, Vo should track ~ input voltages and negative clamp
+VIN perfectly up to +1V, then should levels on V7, is similar, with comparator

limit at exactly +1V as + V[ continues CL, controlling S1. Since the compara-
to +2V. tors see the voltage on the +VIN pin as
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their common reference level, the
voltage Vi and V7, are defined as
“High” or “Low” with respect to +VIN.
For example, if V[N is set to zero volts,
VH is open, and V7, is +1V, comparator
Cy, will switch S1 to “C”, so the AD8036
will buffer the voltage on V1, and ignore

+VIN-

The performance of the AD8036/
ADBS8037 closely matches the ideal just
described. The comparator’s threshold
extends from 60mV inside the clamp
window defined by the voltages on V7,
and VH to 60mV beyond the window’s
edge. Switch S1 is implemented with
current steering, so that A1’s + input

makes a continuous transition from
say, VIN to VH as the input voltage
traverses the comparator’s input
threshold from 0.9V to 1.0V for Vg =
1.0V.

The practical effect of the non-ideal
operation is to soften the transition
from amplification to clamping modes,
without compromising the absolute
clamp limit set by the input clamping
circuit. Figure 2.24 is a graph of Voyur
versus VN for the AD8036 and a
typical output clamp amplifier. Both
amplifiers are set for G=+1 and Vy =
+1V.

COMPARISON BETWEEN INPUT AND OUTPUT CLAMPING

1.6
1.4
[
3
>
i
W12 —_
< CLAMP ERROR - 25mV ol ?
3 AD8036 CLAMP ERROR - >200mV
OUTPUT CLAMP
l>>- 1.0 i = ...l / L
2 1 Yy 7 I N |
g AD8036
o 08 OUTPUT CLAMP AMP
0.6
0.6 0.8 1.0 1.2 1.4 1.6 1.8 2.0

INPUT VOLTAGE - +Vy

Figure 2.24
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The worst case error between Voyur
(ideally clamped) and Voyr (actual) is
typically 18mV times the amplifier
closed-loop gain. This occurs when VN
equals VE (or VT,). As VN goes above
and/or below this limit, Vo will stay
within 5mV of the ideal value.

In contrast, the output clamp
amplifier’s transfer curve typically will
show some compression starting at an
input of 0.8V, and can have an output
voltage as far as 200mV over the clamp
limit. In addition, since the output
clamp causes the amplifier to operate
open-loop in the clamp mode, the
amplifier’s output impedance will
increase, potentially causing additional
errors, and the recovery time is signifi-
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low levels of distortion when the input
signals approach the clamping voltages.
Figure 2.25 shows the second and third
harmonic distortion for the amplifiers
as the output approaches the clamp
voltages. The input signal is 20MHgz,
the output signal is 2V peak-to-peak,
and the output load is 100Q2.

Recovery from step voltage which is two
times over the clamping voltage is
shown in Figure 2.26. The input step
voltage starts at +2V and goes to OV
(left-hand traces on scope photo). The
input clamp voltage (VE) is set at +1V.
The right-hand trace shows the output
waveform. The key specifications for
the AD8036/AD8037 clamped amplifi-
ers are summarized in Figure 2.27.

cantly longer.

It is important that a clamped amplifier
such as the AD8036/AD8037 maintain

AD8036/AD8037 DISTORTION NEAR CLAMPING REGION,
OUTPUT = 2V p-p, LOAD = 100Q, F = 20MHz

-80

~75
& -70
Y AD8037 3RD
| g5 HARMONIC
5 |
8-—60 "—_.—_'-ﬁr* e ~
o AD8037 2ND
S AD8036 3RD
2 55 HARMONIC HARMONIC NG
3 N N
© -50 ' —
S \'AD8036 2ND
Q 45— HARMONIC AN
z \\
= AD8036 AD8037

Vy +1V 405V
_35 v, -1V -05V
G +1 +2
-30 I 1 [
06 065 07 075 08 08 09 095 10

ABSOLUTE VALUE OF OUTPUT VOLTAGE - Volts

Figure 2.25
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AD8036 / AD8037 OVERDRIVE (2x) RECOVERY

REF

HORIZONTAL SCALE: 1ns/div

Figure 2.26

AD8036/AD8037 SUMMARY SPECIFICATIONS
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Proprietary Input Clamping Circuit with Minimized Nonlinear
Clamping Region

Small Signal Bandwidth: 240MHz (AD8036), 270MHz (AD8037)
Slew Rate: 1500V/us

1.5ns Overdrive Recovery

Low Distortion: -72dBc @ 20MHz (5002 load)

Low Noise: 4.5nv/VHz, 2pA/NHz

20mA Supply Current on 5V

Figure 2.27



Figure 2.28 shows the AD9002 8-bit,
125MSPS flash converter driven by the
AD8037 (240MHz bandwidth) clamp-
ing amplifier. The clamp voltages on
the AD8037 are set to +0.55 and
-0.55V, referenced to the +0.5V input
signal, with the external resistive
dividers. The AD8037 also supplies a
gain of two, and an offset of -1V (using
the AD780 voltage reference), to match
the 0 to —2V input range of the AD9002

HicH SPEED OrP AMP APPLICATIONS

flash converter. The output signal is
clamped at +0.1V and -2.1V. This
multi-function clamping circuit there-
fore performs several important func-
tions as well as preventing damage to
the flash converter which occurs if its
input exceeds +0.5V, thereby forward
biasing the substrate diode. The
1N5712 Schottky diode adds further
protection during power-up.

AD9002 8-BIT, 125MSPS FLASH CONVERTER

DRIVEN BY AD8037 CLAMP AMPLIFIER
ouF  *%Y gosa 1000
BIPOLAR 5 IN5712
SIGNAL - ADS002
0.5V O—¢ * Viy= +0.55V FLASH CONVERTER
Ry ADB0ST 49.90 (8-BITS, 125MSPS)
75Q CLAMPING AN\ ViN =121V
AMP \
v Vi =-0.55V \\
SUBSTRATE
. 7500 L opF 806 | 100Q DIODE \Y
104F | AD780 R3
2.5V
REF 5.2V q»—-—{ }-?7
0.1uF
To.m F R2 A 5.2V
s01a AD8037 OUTPUT
1 CLAMPS AT +0.1V, -2.1V
\V4 - R R1IR3 = R2 '
4990 25 R
R1+R3 — 1VOLT
Figure 2.28

The feedback resistor, R2 = 301€), is
selected for optimum bandwidth per the
data sheet recommendation. For a gain
of two, the parallel combination of R1

and R3 must also equal R2:
R1-R3
— = R2 =301Q
R1+R3

(nearest 1% standard resistor value).

In addition, the Thevenin equivalent
output voltage of the AD780 +2.5V
reference and the R3/ R1 divider must
be +1V to provide the —1V offset at the

output of the AD8037.
25-R1 _ 4 volt
R1+R3
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Solving the equations yields R1 = 499Q),
R3 = 750Q2 (using the nearest 1%
standard resistor values).

Other input and output voltages ranges
can be accommodated by appropriate
changes in the external resistors.

Further examples of applications of
these fast clamping op amps are given
in Reference 9.

SINGLE-SUPPLY/RAIL-TO-RAIL CONSIDERATIONS

The market is driving high speed
amplifiers to operate at lower power on
lower supply voltages. High speed
bipolar processes, such as Analog
Devices’ CB and XFCB, are basically
12V processes, and circuits designed on
these processes are generally limited to
+5V power supplies (or less). This is
ideal for high speed video, IF, and RF
signals, which rarely exceed 5V peak-
to-peak.

The emphasis on low power, battery-
operated portable communications and
instrumentation equipment has
brought about the need for ICs which
operate on single +5V, and +3V, and
lower supplies. The term single-supply
has various implications, some of which
are often further confused by marketing

hype.

There are many obvious reasons for
lower power dissipation, such as the
ability to function without fans, reliabil-
ity issues, etc. There are, therefore,
many applications for single-supply
devices other than in systems which
have only one supply voltage. For
example, the lower power dissipation of
a single-supply ADC may be the reason
for its selection, rather than the fact
that it requires just one supply.

There are also systems which truly
operate on a single power supply. In
such cases, it can often be difficult to
maintain DC coupling from a trans-
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ducer all the way through to the ADC.
In fact, AC coupling is often used in
single-supply systems, with DC restora-
tion preceding the ADC. This may be
required to prevent the loss of dynamic
range which would otherwise occur
because of the need to provide adequate
headroom to an AC coupled signal of
arbitrary duty cycle. In the AC-coupled
portions of such systems, a “false-
ground” is often created, usually cen-
tered between the rails.

There are other disadvantages associ-
ated with lower power supply voltages.
Signal swings are limited, therefore
high-speed single-supply circuits tend
to be more sensitive to corruption by
wideband noise, etc. The single-supply
op amp and ADC usually utilize the
same power bus that supplies the
digital circuits, making proper filtering
and decoupling extremely critical.

In order to maximize the signal swing
in single-supply circuits, it is desirable
that a high speed op amp utilize as
much of the supply range as possible on
both the input and output. Ideally, a
true rail-to-rail input op amp has an
input common-mode range that in-
cludes both supply rails, and an output
range which does likewise. This makes
for some interesting tradeoffs and
compromises in the circuit design of the
op amp.



In many cases, an op amp may be fully
specified for both dual £5V and single-
supply operation but neither its input
nor its output can actually swing closer
than about 1V to either supply rail.
Such devices must be used in applica-
tions where the input and output
common-mode restrictions are not
violated. This generally involves offset-
ting the inputs using a false ground
reference scheme.

To summarize, there are many
tradeoffs involved in single-supply high-
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speed designs. In many cases, using
devices specified for operation on +5V,
but without true rail inclusive input/
output operation can give good perfor-
mance. Amplifiers are also becoming
available that are true single supply
rail-to-rail devices. Understanding
single-supply rail-to-rail input and
output limitations is easy if you under-
stand a few basics about the circuitry
inside the op amp. We shall consider
input and output stages separately.

HIGH SPEED SINGLE SUPPLY AMPLIFIERS

B Single Supply Offers:
¢ Lower Power

4 Battery Operated Portable Equipment
¢ Simplifies Power Supply Requirements (one voltage)

M Design Tradeoffs:

* SO0

Limited Signal Swings Increase Sensitivity to Noise
Usually Share Noisy Digital Power Supply

DC Coupling Throughout is Difficult

Rail-to-Rail Input and Output Increases Signal Swing,
but not Required in All Applications

Many Op Amps Specified for Single Supply, but do not

have Rail-to-Rail Inputs or Outputs

Figure 2.29

There is some demand for high-speed
op amps whose input common-mode
voltage includes both supply rails. Such
a feature is undoubtedly useful in some
applications, but engineers should
recognize that there are relatively few
applications where it is absolutely
essential. These should be carefully
distinguished from the many applica-

tions where common-mode range close
to the supplies or one that includes one
of the supplies is necessary, but input
rail-to-rail operation is not.

In many single-supply applications, it is
required that the input go to only one of
the supply rails (usually ground).
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Amplifiers which will handle zero-volt
inputs are relatively easily designed
using PNP differential pairs (or N-
channel JFET pairs) as shown in Fig-
ure 2.30 (circuit used in the AD8041,
AD8042, AD8044). The input common-
mode range of such an op amp extends

from about 200mV below the negative
supply to within about 1V of the posi-
tive supply. If the stage is designed
with N-channel JFETs (AD820/AD822/
ADB823/AD824), the input common-
mode range would also include the
negative rail.

PNP INPUT STAGE ALLOWS
INPUT TO GO TO THE NEGATIVE RAIL

+Vs

[ |

| !

[ |

— —*VBIAS
o-
.Vs
Figure 2.30

The input stage could also be designed
with NPN transistors (or P-channel
JFETS), in which case the input com-
mon-mode range would include the
positive rail and to within about 1V of
the negative rail; however, this require-
ment typically occurs in applications
such as high-side current sensing, a
low-frequency measurement applica-

tion. The OP282/0P482 input stage
uses the P-channel JFET input pair

ST VAT L ~lilliiCi el L 2L

whose input common-mode range
includes the positive rail.
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True rail-to-rail input stages require
two long-tailed pairs (see Figure 2.31),
one of NPN bipolar transistors (or
N-channel JFETS), the other of PNP
transistors (or N-channel JFETS).
These two pairs exhibit different offsets
and bias currents, so when the applied
input common-mode voltage changes,
the amplifier input offset voltage and
input bias current does also. In fact,
when both current sources (I1 and 12)
remain active throughout the entire
input common-mode range, amplifier



input offset voltage is the average offset
voltage of the NPN pair and the PNP
pair. In those designs where the current
sources are alternatively switched off at
some point along the input common-
mode voltage, amplifier input offset

HicH SPeeD Op AMP APPLICATIONS

voltage is dominated by the PNP pair
offset voltage for signals near the
negative supply, and by the NPN pair
offset voltage for signals near the
positive supply.

RAIL-TO-RAIL INPUT STAGE TOPOLOGY

+Vs

R1 R2
_ T - —
o))
Ib
+N O Q3 Q4 rJ
Vos
AN O

Figure 2.31

Amplifier input bias current, a function
of transistor current gain, is also a
function of the applied input common-
mode voltage. The result is relatively
poor common-mode rejection (CMR),
and a changing common-mode input
impedance over the common-mode
input voltage range, compared to famil-
iar dual-supply devices. These specifica-
tions should be considered carefully
when choosing a rail-rail input op amp,
especially for a non-inverting configura-
tion. Input offset voltage, input bias

current, and even CMR may be quite
good over part of the common-mode
range, but much worse in the region
where operation shifts between the
NPN and PNP devices and vice versa.

True rail-to-rail amplifier input stage
designs must transition from one differ-
ential pair to the other differential pair
somewhere along the input common-
mode voltage range. Devices like the
ADS8031/AD8032 (specified for +5V,
+5V, 43V, and +2.5V) have a common-
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mode crossover threshold at approxi-
mately 1V below the positive supply.
The PNP differential input stage is
active from about 200mV below the
negative supply to within about 1V of
the positive supply. Over this common-
mode range, amplifier input offset
voltage, input bias current, CMR, input
noise voltage/current are primarily
determined by the characteristics of the
PNP differential pair. At the crossover
threshold, however, amplifier input
offset voltage becomes the average
offset voltage of the NPN/PNP pairs
and can change rapidly. Also, amplifier
bias currents, dominated by the PNP
differential pair over most of the input
common-mode range, change polarity
and magnitude at the crossover thresh-
old when the NPN differential pair
becomes active.

Applications which require true rail-rail
inputs should therefore be carefully
evaluated, and the amplifier chosen to
ensure that its input offset voltage,
input bias current, common-mode
rejection, and noise (voltage and cur-
rent) are suitable.

Figure 2.32 shows two typical high-

speed op amp output stages. The emit-
ter-follower stage is widely used, but its
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output voltage range is limited to
within about 1V of either supply volt-
age. This is sufficient for many applica-
tions, but the common-emitter stage
(used in the AD8041/8042/8044/8031/
8032 and others) allows the output to
swing to within the transistor satura-
tion voltage, VCE(SAT), of the rails.
For small amounts of load current (less
than 100nA), the saturation voltage
may be as low as § to 20mV, but for
higher load currents, the saturation
voltage can increase to several hundred
millivolts (for example, 500mV at
50mA). This is illustrated in Figure
2.33 for the AD8042 (zero-volts in, rail-
to-rail output). The solid curves show
the output saturation voltage of the
PNP transistor (output sourcing cur-
rent), and the dotted curves the NPN
transistor (sinking current). The satu-
ration voltage increases with increasing
temperature as would be expected.

An output stage constructed of CMOS
FETSs can provide true rail-to-rail
performance, but only under no-load
conditions, and in much lower fre-
quency amplifiers. If the output must
source or sink current, the output swing
is reduced by the voltage dropped
across the FETs internal “on” resis-
tance (typically 100Q2).
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HIGH SPEED SINGLE SUPPLY OP AMP OUTPUT STAGES

EMITTER FOLLOWER COMMON EMITTER
———— - +VS —_——— —4'—+vs

OUTPUT OUTPUT
—_—— - |—o

Figure 2.32

AD8042 OUTPUT SATURATION VOLTAGE
VERSUS LOAD CURRENT
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< | | I -~
= +5V = Vo (-55°C) ~¢ ~ 1
2 0.0 P~ =
z / DA ( N
o / - / -~
= 0.40 7 7 P
g N A
2 0.30 A // <= . “1 .-
< * 4 A -~ \ ~ -
E IO T
[ L - L
2 0.20 4 e Cao S -

g _%C/ |~ \+V?" (+12|5 C)
3 o0 l—AZ c Lo N v, 250y
. CZ 7L A NG |

e +vc|,,_(—55|°0)
0

0 5 10 15 20 25 30 35 40 45 50
LOAD CURRENT - mA

Figure 2.33
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SINGLE SuppPLY OP AMP APPLICATIONS

The following section illustrates a few +3V where the design supports it). Both
applications of op amps in single-supply rail-to-rail and non-rail-to-rail applica-
circuits. All of the op amps are fully tions are shown.

specified for both +5V and +5V (and

A Single-Supply 10-bit 20MSPS ADC Direct-Coupled Driver Using the AD8011

The circuit in Figure 2.34 shows the within the output voltage range of the
AD8011 op amp driving the AD876 10- AD8011. The upper and lower range
bit, 20MSPS ADC in a direct-coupled setting voltages are +1.6V and +3.6V
application. The input and output and are supplied externally to the
common-mode voltage of the AD8011 ADS876. They are easily derived from a
must lie between approximately +1 and resistor divider driven by a reference
+4V when operating on a single +5V such as the REF198 (+4.096V). The two
supply. The input range of the AD876 is  taps on the resistor divider should be
2V peak-to-peak centered around a buffered using precision single-supply
common-mode value of +2.6V, well op amps such as the AD822 (dual).

DC COUPLED SINGLE SUPPLY DRIVER FOR
AD876 10-BIT, 20MSPS ADC

+5_\i +3.6V
REF* l+r=s REF | oy
AD876*
100Q 500
—W—0—""0-M\—p——~ -

5pF

+5V | +1.6V i-FS REF

*
*COMPLETE CIRCUIT Ré:

NOT SHOWN

Figure 2.34
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The source is represented as a 2V video
signal referenced to ground. (The
equivalent of a current generator of 0 to
27mA in parallel with the 75Q source
resistor. The termination resistor, R,
is selected such that the parallel combi-
nation of R and R1 is 75Q. The peak-
to-peak swing at the termination
resistor is 1V, so the AD8011 must
supply a gain of two.

The non-inverting input of the AD8011
is biased to a common-mode voltage of
+1.6V (well within it’s allowable com-
mon-mode range). R3 is calculated as
follows:

When the source voltage is zero-volts,
there is a current of 3.0mA flowing
through R1 (499Q2) and into 40.6Q2 to
ground (the equivalent parallel combi-
nation of the 75Q2 source and the 88.7Q2
termination resistor is 40.6Q2). The
output of the AD8011 should be +3.6V
under these conditions. This means
that 2mA must flow through R2. There-
fore R3 (connected to the +3.6V source)
must supply 1.0mA into the summing
junction (+1.6V), and therefore its value
must be 200002.

The input of the AD876 has a series
MOSFET switch that turns on and off
at the sampling frequency. This
MOSFET is connected to a hold capaci-
tor internal to the device. The on im-
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pedance of the MOSFET is about 500,
while the hold capacitor is about 5pF.

In a worst case condition, the input
voltage to the AD876 will change by a
full-scale value (2V) in one sampling
cycle. When the input MOSFET turns
on, the output of the op amp will be
connected to the charged hold capacitor
through the series resistance of the
MOSFET. Without any other series
resistance, the instantaneous current
that flows would be 40mA. This causes
settling problems for the op amp.

The series 100Q2 resistor limits the
instantaneous current to about 13mA.
This resistor cannot be made too large,
or the high frequency performance will
be affected. In practice, the optimum
value is often determined experimen-
tally.

The sampling MOSFET of the AD876 is
closed for half of each cycle (25ns when
sampling at 20MSPS). Approximately 7
time constants are required for settling
to 10 bits. The series 100QQ resistor
along with the 50Q2 on resistance and
the 5pF hold capacitor form a time
constant of about 750ps. These values
leave a comfortable margin for settling.
Overall, the AD8011 provides adequate
buffering for the AD876 ADC without
introducing distortion greater than that
of the ADC itself.
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A 10-Bit, 40MSPS ADC Low-Distortion Single-Supply ADC Driver Using the

ADS8041 Op Amp

A DC coupled application which re-
quires the rail-to-rail output capability
of the AD8041 is shown in Figure 2.35
as a driver for the AD9050 10-bit,
40MSPS single-supply ADC. The input
range of the AD9050 is 1V p-p centered
around +3.3V. The maximum input
signal is therefore +3.8V. The non-
inverting input of the AD8041 is driven
with a common-mode voltage of +1.65V
which is derived from the unused
differential input of the AD9050. This
allows the op amp to act as a level
shifter for the ground-referenced bipo-
lar input 1V p-p signal, with unity gain

as determined by the 1kQ resistors, R1
and R2.

Op amps with complementary emitter
follower outputs such as the AD8011
(operating on +5V) generally will ex-
hibit high frequency distortion for
sinewaves with full-scale amplitudes of
1V p-p centered at +3.3V. Because of its
common emitter output stage, however,
the AD8041 is capable of driving the
AD9050, while maintaining a distortion
floor of greater than 66dB with a
4.9MHz fullscale input (see Figure
2.36).

DC COUPLED SINGLE-SUPPLY DRIVER FOR
AD9050 10-BIT, 40MSPS ADC

+5V
R2
ViN 10000 5V +5V AD9050
© Wy . +3.8V 8kQ _
-0.5 TO +0.5V AD8041 TO +2.8V
* VIN(A) gsm +
+5V - =
0.1uF
g Ve = +1.65V VINGB) | +33v = 8KQ .

1000Q

Figure 2.35

2-42



- |
HicH SPEED OP AMP APPLICATIONS

FFT OUTPUT OF AD9050 CIRCUIT WITH 4.9MHz INPUT
AND 40MSPS SAMPLING FREQUENCY

0
-10 Fy = 4.9MHz -
2 FUNDAMENTAL = 0.6dB

2nd HARMONIC = 66.9dB
-30 3rd HARMONIC = 74.7dB -
SNR = 55.2dB
—40 NOISE FLOOR = - 86.1dB
50 ENCODE FREQUENCY = 40MHz _
-60
-70
"'80 ‘ 1 1 |l
-90
-100
Figure 2.36

Single-Supply RGB Buffer

Op amps such as the AD8041/AD8042/ Since the RGB signals include ground

and AD8044 can provide buffering of as part of their dynamic output range,
RGB signals that include ground while it has previously been required to use a
operating from a single +3V or +5V dual supply op amp to provide this

supply. The signals that drive an RGB buffering. In some systems, this is the
monitor are usually supplied by current only component that requires a nega-
output DACs that operate from a single tive supply, so it can be quite inconve-
+5V supply. Examples of such are triple nient to incorporate this multiple
video DACs like the ADV7120/21/22 monitor feature.
from Analog Devices.

Figure 2.37 shows a diagram of one

During the horizontal blanking inter- channel of a single supply gain-of-two
val, the current output of the DACs buffer for driving a second RGB moni-
goes to zero, and the RGB signals are tor. No current is required when the
pulled to ground by the termination amplifier output is at ground. The
resistors. If more than one RGB moni- termination resistor at the monitor
tor is desired, it cannot simply be helps pull the output down at low
connected in parallel because it will voltage levels.

provide an additional termination.
Therefore, buffering must be provided
before connecting a second monitor.
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SINGLE SUPPLY RGB BUFFER OPERATES ON +3V OR +5V

CURRENT OUTPUT
VIDEO DAC R, G, OREB +3V OR 45V
' ! ' 750
omA
To AD8041
27TmA 75Q

%759

L)

PRIMARY RGB
MONITOR

)

SECOND RGB
MONITOR

Wy
1kQ
%ﬂ@

Figure 2.37

Figure 2.38 shows the output of such a
buffer operating from a single +3V
supply and driven by the Blue signal of
a color bar pattern. Note that the input
and output are at ground during the
horizontal blanking interval. The RGB
signals are specified to output a maxi-
mum of 700mV peak. The output of the

Single-Supply Sync Stripper

Some RGB monitors use only three
cables total and carry the synchronizing
signals and the Green (G) signal on the
same cable. The sync signals are pulses
that go in the negative direction from
the blanking level of the G signal.

In some applications, such as prior to
digitizing component video signals with
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ADB8041 is +1.4V with the termination
resistors providing a divide-by-two. The
Red and Green signals can be buffered
in the same manner with a duplication
of this circuit. Another possibility is to
use the quad AD8044 single-supply op
amp.

ADCs, it is desirable to remove or strip
the sync portion from the G signal.
Figure 2.39 is a circuit using the
ADB8041 running on a single +5V supply
that performs this function.
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INPUT / OUTPUT OF SINGLE SUPPLY RGB BUFFER
OPERATING ON +3V

Figure 2.38

SINGLE SUPPLY VIDEO SYNC STRIPPER

+5V
VIN + 75Q VouT
AD8041
GREEN WITH SYNC > 75Q
V R2
1kQ
AN
R1
+0.4V VBLANK § I \]_——JI\
o $ 0.8V ov
GREEN WITHOUT SYNC
(2XVpLANK)
Figure 2.39



HicH SPEED DESIGN TECHNIQUES

The upper waveform in Figure 2.40
shows the Green plus sync signal that
is output from an ADV7120, a single
supply triple video DAC. Because the
DAC is single supply, the lowest level of
the sync tip is at ground or slightly
above. The AD8041 is set from a gain of
two to compensate for the divide-by-two
of the output terminations. The refer-

ence voltage for R1 should be twice the
DC blanking level of the G signal. If the
blanking level is at ground and the sync
tip is negative, as in some dual supply
systems, then R1 can be tied to ground.
In either case, the output will have the
sync removed and have the blanking
level at ground.

INPUT / OUTPUT OF SINGLE SUPPLY SYNC STRIPPER

Tl | Lol

" ':Ellll!ﬂill!ﬂllll
r| ]

Ha'Elk!

Figure 2.40

A Single-Supply Video Line Driver with Zero-Volt Output,

Eamon Nash

When operated with a single supply,
the AD8031 80MHz rail-to-rail voltage
feedback op amp has optimum distor-
tion performance when the signal has a
common mode level of Vs/2, and when

there is about 500mYV of headroom to
each rail. If low distortion is required

L vasaia aw A4 A

for signals which swing close to ground
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an emitter follower can be used at the
op amp output.

Figure 2.41 shows the AD8031 config-
ured as a single supply gain-of-two line
driver. With the output driving a back
terminated 50Q line, the overall gain is
unity from Vin to Vout. In addition to



minimizing reflections, the 50Q2 back
termination resistor protects the tran-
sistor from damage if the cable is short
circuited. The emitter follower, which is
inside the feedback loop, ensures that
the output voltage from the AD8031
stays about 700mV above ground.
Using this circuit excellent distortion is
obtained even when the output signal
swings to within 50mV of ground. The
circuit was tested at 500kHz and 2MHz
using a single +5V supply. For the
500kHz signal, THD was 68dBc with a
peak-to-peak swing at Vout of 1.85V
(50mV to +1.9V). This corresponds to a
signal at the emitter follower output of

Hicu SPEED OP AMP APPLICATIONS

3.7V p-p (100mV to 3.8V). Data was
taken with an output signal of 2MHz,
and a THD of 55dBc was measured
with a Vout of 1.55V p-p (50mV to
1.6V).

This circuit can also be used to drive
the analog input of a single supply high
speed ADC whose input voltage range
is ground-referenced. In this case, the
emitter of the external transistor is
connected directly to the ADC input. A
peak positive voltage swing of approxi-
mately 3.8V is possible before signifi-
cant distortion begins to occur.

LOW DISTORTION ZERO-VOLT OUTPUT
SINGLE SUPPLY LINE DRIVER USING AD8031

Vour = 1.85Vp.p (50mV TO 1.9V)

VouT = 1.55Vp_p (50mV TO 1.6V)

+5V
“—:H 10uF - _ OR
VIN I THD = 68dBc @ 500kHz F
© ! S owr v
49.9Q ADS03] M THD = 55dBc @ 2MHz FOR
’ - 2N3904
2.49kQ) 49.9Q
M

i 2.49kQ

iZOOQ i49.99

O Vout

Figure 2.41
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Headroom Considerations in AC-Coupled Single-Supply Circuits

The AC coupling of arbitrary wave-
forms can actually introduce problems
which don’t exist at all in DC coupled or
DC restored systems. These problems
have to do with the waveform duty
cycle, and are particularly acute with
signals which approach the rails, as
they can in low supply voltage systems
which are AC coupled.

In Figure 2.42 (A), an example of a 50%
duty cycle square wave of about 2Vp-p
level is shown, with the signal swing
biased symmetrically between the

upper and lower clip points of a 5V
supply amplifier. Assume that the
amplifier has a complementary emitter
follower output and can only swing to
the limited DC levels as marked, about
1V from either rail. In cases (B) and
(C), the duty cycle of the input wave-
form is adjusted to both low and high
duty cycle extremes while maintaining
the same peak-to-peak input level. At
the amplifier output, the waveform is
seen to clip either negative or positive,
in (B) and (C), respectively.

WAVEFORM DUTY CYCLE TAXES
HEADROOM IN AC COUPLED SINGLE SUPPLY AMPLIFIERS

(A)

——————————————— 4.0V (+) CLIPPING

50%

DUTY CYCLE  2Vp.p —f———— e m — - —

NO CLIPPING _L

—————————————— 1.0V (-) CLIPPING

_________ SSS} — — — — 4.0V (+) CLIPPING

(B) FE e et S
Low 2Vp-p
DUTY CYCLE ,
CLIPPED ..L s R i -

POSITIVE

(C)
HIGH

_______________ 1.0V (-) CLIPPING

______________ 4.0V (+) CLIPPING

DUTY CYCLE —_—] I
CLIPPED 2Vp_p
NEGATIVE
_LLJ --------- -

------ <~ ———=—=— 1.0V (-) CLIPPING

Figure 2.42

Since standard video waveforms do vary
in duty cycle as the scene changes, the
point is made that low distortion opera-
tion on AC coupled single supply stages
must take the duty cycle headroom
degradation effect into account. If a

stage has a 3Vp-p output swing avail-

2-48

able before clipping, and it must cleanly
reproduce an arbitrary waveform, then
the maximum allowable amplitude is
less than 1/2 of this 3Vp-p swing, that is
<1.5Vp-p. An example of violating this
criteria is the 2Vp-p waveform of Figure
2.42, which is clipping for both the high



and low duty cycles. Note that the
criteria set down above is based on
avoiding hard clipping, while subtle
distortion increases may in fact take
place at lower levels. This suggests an
even more conservative criteria for
lowest distortion operation such as
composite NTSC video amplifiers.

Figure 2.43 shows a single supply gain-
of-two composite video line driver using
the AD8041. Since the sync tips of a
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composite video signal extend below
ground, the input must be AC coupled
and shifted positively to prevent clip-
ping during negative excursions. The
input is terminated in 75Q and AC
coupled via the 47uF to a voltage
divider that provides the DC bias point
to the input. Setting the optimal com-
mon-mode bias voltage requires some
understanding of the nature of compos-
ite video signals and the video perfor-
mance of the AD8041.

SINGLE SUPPLY AC COUPLED COMPOSITE VIDEO
LINE DRIVER HAS AG =0.06% AND A¢ = 0.06°

COMPOSITE
VIDEO
O o

Rpjas OPTIMIZES

1000uF 750
+ Vout

__l 75Q

0.1uF

Vem =+2.2V

Figure 2.43

As discussed above, signals of bounded
peak-to-peak amplitude that vary in
duty cycle require larger dynamic swing
capability than their peak-to-peak
amplitude after AC coupling. As a worst
case, the dynamic signal swing required
will approach twice the peak-to-peak
value. The two bounding cases are for a

duty cycle that is mostly low, but
occasionally goes high at a fraction of a
percent duty cycle, and vice versa.

Composite video is not quite this de-
manding. One bounding extreme is for
a signal that is mostly black for an
entire frame, but occasionally has a
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white (full intensity), minimum width
spike at least once per frame.

The other extreme is for a video signal
that is full white everywhere. The
blanking intervals and sync tips of such
a signal will have negative going excur-
sions in compliance with composite
video specifications. The combination of
horizontal and vertical blanking inter-
vals limit such a signal to being at its
highest level (white) for only about 75%
of the time.

As a result of the duty cycle variations
between the two extremes presented
above, a 1V p-p composite video signal
that is multiplied by a gain-of-two
requires about 3.2V p-p of dynamic
voltage swing at the output for the op
amp to pass a composite video signal of
arbitrary duty cycle without distortion.

The AD8041 not only has ample signal
swing capability to handle the dynamic
range required, but also has excellent
differential gain and phase when buff-
ering these signals in an AC coupled
configuration.

To test this, the differential gain and
phase were measured for the AD8041
while the supplies were varied. As the
lower supply is raised to approach the

- video signal, the first effect is that the
sync tips become compressed before the

differential gain and phase are ad-
versely affected. Thus, there must be
adequate swing in the negative direc-
tion to pass the sync tips without
compression.

As the upper supply is lowered to
approach the video, the differential gain
and phase were not significantly ad-
versely affected until the difference
between the peak video output and the
supply reached 0.6V. Thus, the highest
video level should be kept at least 0.6V
below the positive supply rail.

Taking the above into account, it was
found that the optimal point to bias the
non-inverting input was at +2.2V DC.
Operating at this point, the worst case
differential gain was 0.06% and the
differential phase 0.06°.

The AC coupling capacitors used in the
circuit at first glance appear quite
large. A composite video signal has a
lower frequency band edge of 30Hz. The
resistances at the various AC coupling
points - especially at the output - are
quite small. In order to minimize phase
shifts and baseline tilt, the large value
capacitors are required. For video
system performance that is not to be of
the highest quality, the value of these
capacitors can be reduced by a factor of
up to five with only a slight observable
change in the picture quality.

Single-Supply AC Coupled Single-Ended-to-Differential Driver

The circuit shown in Figure 2.44 pro-
vides a flexible solution to differential
line driving in a single-supply applica-
tion and utilizes the dual AD8042. The
basic operation of the cross-coupled
configuration has been described earlier
in this section. The input, VIN, is a
single-ended signal that is capacitively

iV T2y

coupled into the feedforward resistor,
R1. The non-inverting inputs of each
half of the AD8042 are biased at +2.5V.
The gain from single-ended input to
differential output is equal to 2R2/R1.
The gain can be varied by changing one
resistor (either R1 or R2).
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SINGLE SUPPLY AC COUPLED DIFFERENTIAL DRIVER

R2
VIN I R1 +5V 1kQ
o M
0.1}J.F 1kQ 1,2 1) '0)
\
1kQ
M
1kQ 1kQ R2
2VIN
WY R1
1kQ
o \\\\\\\\
2.49kQ O

: 12U
+2.5V +
2 49kQ_L ( U = AD8042

gﬂhj.l:

Figure 2.44

Hica SPEED VIDEO MULTIPLEXING WITH OP AMPs UTILIZING
DisaBLE FuNCTION

A common video circuit function is the level of isolation from the input to the
multiplexer, a stage which selects one output. In the case of the gain-of-two
of “N” video inputs and transmits a line driver, for example, the impedance
buffered versiomn of the selected signal at the output node will be about equal
to the output. A number of video op to the sum of the feedback and

amps (AD810, AD813, AD8013) have a feedforward resistors (1.6kQ) in paral-
disable mode which, when activated by lel with about 12pF capacitance. Input-

applying the appropriate level to a pin to-output isolation is about 66dB at

on the package, disables the op amp 5MHz.

output stage and drops the power to a

lower value. Leaving the disable pin disconnected
(floating) will leave the corresponding

In the case of the AD8013 (triple cur- amplifier operational, in the enabled

rent-feedback op amp), asserting any state. The input impedance of the

one of the disable pins about 1.6V from disable pin is about 40k(2 in parallel

the negative supply will put the corre- with 5pF. When driven to 0V, with the

sponding amplifier into a disabled, negative supply at -5V, about 100pnA

powered-down state. In this condition, flows into the disable pin.

the amplifier’s quiescent current drops

to about 0.3mA, its output becomes a When the disable pins are driven by

high impedance, and there is a high CMOS logic, on a single +5V supply,
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the disable and enable times are about
50ns. When operated on dual supplies,
level shifting will be required from
standard logic outputs to the disable
pins.

The AD8013’s input stages include
protection from the large differential
voltages that may be applied when
disabled. Internal clamps limit this
voltage to about +3V. The high input-
to-output isolation will be maintained
for voltages below this limit.

Wiring the amplifier outputs together
as shown in Figure 2.45 will form a 3:1
multiplexer with about 50ns switching
time between channels. The 0.1dB
bandwidth of the circuit is 35MHz, and
the OFF channel isolation is 60dB at
10MHz. The simple logic level-shifting
circuit shown on the diagram does not
significantly affect switching time.

The resistors were chosen as follows.
The feedback resistor R2 of 845Q2 was

chosen first for optimum bandwidth of
the AD8013 current feedback op amp.
When any given channel is ON, it must
drive both the termination resistor Ry,
and the net dummy resistance, Rx/2,
where RY is an equivalent series resis-
tance equal to R1 + R2 + R3. To provide
a net overall gain of unity plus an
effective source resistance of 75, the
other resistor values must be as shown.

Configuring two amplifiers as unity
gain followers and using the third to set
the gain results in a high performance
2:1 multiplexer as shown in Figure
2.46. The circuit takes advantage of the
very low crosstalk between the amplifi-
ers and achieves the OFF channel
isolation shown in Figure 2.47. The
differential gain and phase performance
of the circuit is 0.03% and 0.07°, respec-
tively.

3:1 VIDEO MULTIPLEXER SWITCHES IN 50ns

R1, 665Q R2, 8450
DISABLE w MW
DRIVERS +5V R3
(ONE SHOWN) - 840
VINT 1/3 U1 WA
1 = ENABLE o +
0 = DISABLE 750 DISABLE 1 U1=AD8013
665Q 845Q
FROM CMOS
O +5V
8kQ Vin2
2N3904 O—e
4kQ - DISABLE 2
75Q
TO 665Q 8450
DISABLE % A
v . 840
VNS 113 U1
S + 5V
75Q
§ O DISABLE 3

Figure 2.45
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2:1 VIDEO MULTIPLEXER

2kQ

M\

+5V
. 10Q
1/3U1 MA—
Vint . U1 = AD8013
o—
% 750 DISABLE 1
VouTt
+
113uU1 O
Vinz 5V
10Q
—NWN——
—\W—

O
%759

DISABLE 2
2kQ

—AW

Figure 2.46

2:1 MULTIPLEXER ON-CHANNEL GAIN AND MUX
OFF-CHANNEL FEEDTHROUGH VS. FREQUENCY

2
1
GAIN
o \
9 \
Yo
z \
g -2
S -3 \ 30
2 V 8
2 -4 > -40 %
I
§ -5 < -50 3
3] L1l FEEDTHROUGH 5]
-5 -60 £
=
7 = -70 @
[T
-8 -80

M 10M 100M 1G
FREQUENCY - Hz

Figure 2.47
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VIDEO PROGRAMMABLE (FAIN AMPLIFIER USING THE ADS813
TRIPLE CURRENT FEEDBACK OP AMP

Closely related to the multiplexers
described above is a programmable
gain video amplifier, or PGA, as shown
in Figure 2.48. In the case of the
ADB813, the individual op amps are
disabled by pulling the disable pin
about 2.5V below the positive supply.
This puts the corresponding amplifier
in its powered down state. In this
condition, the amplifier’s quiescent
supply current drops to about 0.5mA,
its output becomes a high impedance,
and there is a high level of isolation

between the input and the output.
Leaving the disable pin disconnected
(floating) will leave the amplifier opera-
tional, in the enabled state. The input
impedance of the disable pins is about
35k in parallel with 5pF. When
grounded, about 50pA flows out of a
disable pin when operating on +5V
supplies. The switching threshold is
such that the disable pins can be driven
directly from +5V CMOS logic with no
level shifting (as was required in the
previous example).

PROGRAMMABLE GAIN AMPLIFIER USING
AD813 TRIPLEmCFB OP AMP

ViN

75Q SELECT 1

uz R3, 6490
74HC238

11

A2 Yo

Y4

E1
E2 Yot

SELECT 2

RS, 100Q

v{ +5V

SELECT 3

750Q

Vout
—O0
w
AD813
R2 OUTPUT TABLE
6490 ;
Ag I Aq [ Vout! Vi
L L 1
H L 2, (1 + R2/R3)
L H 4, (1 + R4IRS5)
H H 0, (OFF)

NOTE: DECOUPLING
NOT SHOWN

Figure 2.48

With a two-line digital control input,
this circuit can be set up to provide 3
different gain settings. This makes it a
useful circuit in various systems which
can employ signal normalization or gain
ranging prior to A/D conversion, such as
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CCD systems, ultrasound, etc. The
gains can be binary related as here, or
they can be arbitrary. An extremely

. useful feature of the AD813 CFB cur-

rent feedback amplifier is the fact that
the bandwidth does not reduce as gain



is increased. Instead, it stays relatively
constant as gain is raised. Thus more
useful bandwidth is available at the
higher programmed gains than would
be true for a fixed gain-bandwidth
product VFB amplifier type.

In the circuit, channel 1 of the AD813 is
a unity gain channel, channel 2 has a
gain of 2, and channel 3 a gain of 4,
while the fourth control state is OFF.
As is indicated by the table, these gains

HicH SPEED OP AMP APPLICATIONS

can varied by adjustment of the R2/R3
or R4/R5 ratios. For the gain range and
values shown, the PGA will be able to
maintain a 3dB bandwidth of about
50MHz or more for loading as shown (a
high impedance load of 1kQ or more is
assumed). Fine tuning the bandwidth
for a given gain setting can be accom-
plished by lowering the resistor values
at the higher gains, as shown in the
circuit, where for G=1, R1=750Q, for
G=2, R2=649Q, and for G=4, R4=301Q.

VIDEO MULTIPLEXERS AND CROSSPOINT SWITCHES

Traditional CMOS switches and multi-
plexers suffer from several disadvan-
tages at video frequencies. Their
switching time (typically 100ns or so) is
not fast enough for today’s applications,
and they require external buffering in
order to drive typical video loads. In
addition, the small variation of the
CMOS switch “on” resistance with
signal level (called R,,,, modulation)
introduces unwanted distortion and
degradation in differential gain and
phase. Multiplexers based on comple-
mentary bipolar technology offer a
better solution at video frequencies.

Functional block diagrams of the
AD8170/8174/8180/8182 bipolar video
multiplexer are shown in Figure 2.49.
These devices offer a high degree of
flexibility and are ideally suited to

video applications, with excellent
differential gain and phase specifica-
tions. Switching time for all devices in
the family is 10ns to 0.1%. The
AD8170/8174 muxes include an on-chip
current feedback op amp output buffer
whose gain can be set externally. Off
channel isolation and crosstalk are
typically greater than 80dB for the
entire family. Key specifications are
shown in Figure 2.50.

Figure 2.51 shows an application circuit
for three AD8170 2:1 muxes where the
RGB monitor can be switched between
two computers. The AD8174 4:1 mux is
used in Figure 2.52 to allow a single
high speed ADC to digitize the RGB
outputs of a scanner. Figure 2.53 shows
two AD8174 4:1 muxes expanded into
an 8:1 mux.
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AD8170/8174/8180/8182 BIPOLAR VIDEO MULTIPLEXERS

SELECT E-

Vs E

AD8170

HVOUT o E ADMSE—-ZISEW
E-VIN GNDE ‘ J:,——-[)]m

I E] e . E oecooen| | _ e
™o E_D_"__J (,__<}_E| Nt +Vs E t E'-v,
AD8182

14| +Vs
] INOA E_ +1 ———-ESELECTA
+ |
Vv, J —
"-I>£I our ow [2 - {rs |[ENABLEA
4
:_;l VIN \‘\

INIA E:——— +1 12| OUTA

No E AD8174
- Eﬂ%ﬁ
INt E—b—v:fw
wl[] .

’ |
e B—b_d:/w Losic
-Vs E :
IN3 E—-{>—o«|’; ,

—E D +Vs E El-v,
-El ENABLE INIBE-—V 10| OUTB

_3 A0 GNDE oecooer [~~~ 7] 9 | ENABLE B

INOB E +1 > .. 8 | SELECTB
1o

Figure 2.49

AD817X AND AD818X MULTIPLEXER KEY SPECIFICATIONS

B 10ns Switching Time

M Wide Bandwidth (-3dB BW):
200MHz (AD817X)
600MHz (AD818X)

B Gain Flatness (0.1dB):
¢ 80MHz (AD817X)
150MHz (AD818X)

*
*

*

0.02% / 0.02° Differential Gain and Phase (AD817X, RL = 150Q)
0.02% / 0.03° Differential Gain and Phase (AD818X, RL = 1kQ)

Off-Channel Isolation and Crosstalk > -80dB @ 10MHz
Low Power (x5V Supplies):

¢ AD8170 - 65mW ¢ AD8174 - 85mW
¢ AD8180 - 35mW ¢ AD8182 - 70mW
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DUAL SOURCE RGB MULTIPLEXER USING THREE 2:1 MUXES
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CHANNEL
COMPUTER SELECT ?
R G B q
| INO
IN1
]
INO G
MONITOR
IN1
INO B
l IN1
R G B THREE AD8170 2:1 MUXES
COMPUTER

Figure 2.51

DIGITIZING RGB SIGNALS WITH ONE ADC AND A 4:1 MUX

R
G
SCANNER ADC
B
IN3
; O
CHANNEL SELECT
Figure 2.52
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EXPANDING TWO 4:1 MUXES INTO AN 8:1 MUX
CHANNEL SELECT

TWO AD8174

4:1 MUXES

e

o INO

O] IN1

O—————— IN2

O———IN3

VIDEO

VIDEO
INPUTS

OUTPUT
+—o0

Figure 2.53

The AD8116 extends the concepts
above to yield a 16x16 buffered video
crosspoint switch matrix (Figure 2.54).
The 3dB bandwidth is greater than
200MHz, and the 0.1dB gain flatness
extends to greater than 40MHz. Chan-
nel switching time is less than 30ns to
0.1%. Crosstalk is 70dB and isolation is
90dB (both measured at 10MHz).
Differential gain and phase is 0.01%
and 0.01° for a 150Q2 load. Total power
dissipation is 900mW on +5V supplies.
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The AD8116 includes output buffers
which can be put into a high impedance
state for paralleling crosspoint stages
so that the off channels do not load the
output bus. The channel switching is
performed via a serial digital control
which can accommodate “daisy chain-
ing” of several devices. The AD8116 is
packaged in a 128-pin TQFP package.
Key specifications for the device are
summarized in Figure 2.55.
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AD8116 16x16 BUFFERED VIDEO CROSSPOINT SWITCH

SERAL 1P SERIAL
CLOCK CLOCK
SERIAL SERIAL
parain [PF lso Bit SHIFT REG. SR T
LATCH [ BT LATCH
CENABLE [P CENABLE
= Ay »D[P—A—R-;LLEL LATCH _ —_—
on
£
DECODE 25,
16x6:16 Decoders 8 _‘:6
agpe
7256 i
BUFFER " ﬁ
w
wee -
P >
D <
v >
g <
At W -
16 ANALOG SoamE Y 16 ANALOG
S Ed >
INPUTS SWITCH 1 & » OUTPUTS
- MATRIX a5 - S > -
) g‘ >
D1 & 1
i >
[ >
N >
] >
Figure 2.54

AD8116 CROSSPOINT SWITCH KEY SPECIFICATIONS

16x16 Buffered Inputs and Outputs
Output Buffer Disable Feature Allows Expansion

3dB Bandwidth 200MHz, 0.1dB Bandwidth 40MHz

Differential Gain 0.01%, Differential Phase 0.01°

||
|
|
M 30ns Switching to 0.1%
|
B Power Dissipation: 900mW (+5V Supplies)
|

128-pin TQFP, 0.36 Square Inches Area

Figure 2.55
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HicH PoweR LINE DRIVERS AND ADSL

ADSL (Asymmetric Digital Subscriber
Line) uses the current subscriber line
connection to the central office to trans-
mit data as high as 8Mbps, almost 300
times the speed of the fastest tradi-
tional modem. ADSL uses the entire
bandwidth (approximately 1MHz) of
the connection in addition for the
modulation scheme called Discrete
Multi Tone (DMT).

Although high-speed fiber links already
exist, it is still too difficult and expen-
sive to bring them directly to every
residence. ADSL uses the existing
infrastructure for “the last mile” con-
necting the home and the local central
office (which already has a high-speed
fiber link to the national network).

Many applications are uneven (asym-
metric) in their bandwidth needs -
sending more information in one direc-
tion than the other. Typically, a user
will request a video channel, ask for
information from a central database, or
view complex graphical images on a
web page. All of these applications
require considerable bandwidth. In
contrast, the user may only send com-
mands or files back up to the server.
Realizing this, ADSL was designed to
deliver a bigger downstream capacity to
the home, while having a smaller two-
way capacity.

Key to the ADSL system is the require-

ment for a low-distortion differential
drive amplifier which delivers approxi-
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mately 40V p-p into a 60Q2 differential
load impedance. The AD815 dual high
current driver can deliver 40V p-p
differential into a 50C2 load (correspond-
ing to 400mA peak current!) using the
application circuit shown in Figure
2.56. Low harmonic distortion is also
required for ADSL applications, since it
affects system bit error rates. The
typical distortion of the device is shown
in Figure 2.57 for 50Q and 200X2 differ-
ential loads.

There are three AD815 models, two are
available in a 15-pin power package,
and the third as a 24-pin thermally
enhanced SOIC. The 15-pin power
package (AD815AY-through hole and
AD815AVR-surface mount) has a low
thermal resistance (6 A = 41°C/W)
which can be reduced considerably ( to
04 = 16 °C/W) by connecting the
package to an area of copper which acts
as a heat sink. The AD815 incorporates
a thermal shutdown circuit to protect
the die from thermal overload.

The AD815 also has applications as a
general purpose high current coil,
transformer, or twisted pair cable
driver, a CRT convergence adjustment
control, or a video signal distribution
amplifier. Each amplifier in the AD815
is capable of driving 6 back-terminated
75Q video loads with a differential gain
and phase of 0.05% and 0.45° respec-
tively. \
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ADSL DIFFERENTIAL LINE DRIVER USING THE AD815

+15V
100Q
+0 Ry = 150
WV L 4 +
4990
AAA
YvYy
Zs‘ = 1250 G =+10 Z§V= %“ 2 ?509 Vour =
p-p AV PP 40Vp-p
499Q
Ry = 150
y AVAVAV y' —
_ 100Q 1:2
TRANSFORMER

Figure 2.56

THD VS. FREQUENCY FOR AD815 DIFFERENTIAL DRIVER

—40 TTIL T 1
- Vg =+15V
Q -50 —+ G =+10
S Vour =40V p-p
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o /
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Figure 2.57
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Hica SPEED PHOTODIODE PREAMPS

Photodiodes generate a small current
which is proportional to the level of
illumination. They have many applica-
tions ranging from precision light
meters to high-speed fiber optic receiv-
ers.

The equivalent circuit for a photodiode
is shown in Figure 2.58. One of the
standard methods for specifying the
sensitivity of a photodiode is to state its

short circuit photocurrent (Igc) at a
given light level from a well defined
light source. The most commonly used
source is an incandescent tungsten
lamp running at a color temperature of
2850K. At 100fc (foot-candles) illumina-
tion (approximately the light level on
an overcast day), the short circuit
current is usually in the picoamps to
hundreds of microamé)s range for small
area (less than 1mm<) diodes.

PHOTODIODE EQUIVALENT CIRCUIT

INCIDENT

LIGHT

R

DEAL & (¥ gggTo ~100kQ TO
DIODE RENT | Jo0Ge
0
Figure 2.58

The short circuit current is very linear
over 6 to 9 decades of light intensity,
and is therefore often used as a mea-
sure of absolute light levels. The open
circuit forward voltage drop across the
photodiode varies logarithmically with

light level, but, because of its large
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temperature coefficient, the diode
voltage is seldom used as an accurate
measure of light intensity.

The shunt resistance is usually in the
order of several hundred k(2 to more
than 1GQ at room temperature, and



decreases by a factor of two for every
10°C rise in temperature. Diode capaci-
tance is a function of junction area and
the diode bias voltage. A value of 10 to
50pF at zero bias is typical for small
area diodes.

Photodiodes may either be operated
with zero bias (photovoltaic mode) or
reverse bias (photoconductive mode) as
shown in Figure 2.59. The most precise
linear operation is obtained in the
photovoltaic mode, while higher switch-
ing speeds are realizable when the
diode is operated in the photoconductive
mode. Under reverse bias conditions, a
small amount of current called dark
current will flow even when there is no
illumination. There is no dark current

HicH SPEED OP AMP APPLICATIONS

in the photovoltaic mode. In the photo-
voltaic mode, the diode noise is basi-
cally the thermal noise generated by
the shunt resistance. In the photocon-
ductive mode, shot noise due to conduc-
tion is an additional source of noise.
Photodiodes are usually optimized
during the design process for use in
either the photovoltaic mode or the
photoconductive mode, but not both.

Optimizing photodiode preamplifiers is
probably one of the most challenging of
design problems, especially if high
bandwidth and direct coupling is re-
quired. Figure 2.60 shows a basic
photodiode preamp designed with an op
amp connected as a current-to-voltage
converter.

PHOTODIODE MODES OF OPERATION

VW VW
<—— e
-0 0
+ +
VBias
PHOTOVOLTAIC PHOTOCONDUCTIVE
- Zero Bias - Reverse Bias
- No Dark Current - Dark Current Exists
+ Precision Applications - High Speed Applications
+ Low Noise (Johnson) - Higher Noise (Johnson + Shot)
Figure 2.59
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HIGH BANDWIDTH PHOTODIODE PREAMP

EQUIVALENT CIRCUIT
Ip=lg+ | paRK Ic
AN c
RSH» R2 /\N‘R
2
N
—
\ 's Vout =R2'p
- 4 ——0
\AS ()l 3 . . e
D SH D Cin
v l 1, = OP AMP GBW PRODUCT

0.
VBias

1

SIGNALBW = 7ip o~
c

2C2

FOR R, = 100kQ2

ID = 100pA
VOUT =10V

Figure 2.60

The sensitivity of the circuit is deter-
mined by the amount of photodiode
current multiplied by the feedback
resistor R2. The key parameters of the
diode (see Figure 2.61) are its sensitiv-
ity (output current as a function of
illumination level), dark current (the
amount of current which flows due to
the reverse bias voltage when the diode
is not illuminated), risetime, shunt
capacitance, and shunt resistance.

The key parameters of the op amp are
its input voltage and current noise, bias
current, unity gain-bandwidth product,
f4, and input capacitance, Cip.

The Motorola 5082-4204 PIN Photo-
diode will be used as an example for our
discussion. Its characteristics are given
in Figure 2.61. It is typical of many
commercially available PIN photo-
diodes. As in most high-speed photo-
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diode applications, the diode is operated
in the reverse-biased or photoconductive
mode. This greatly lowers the diode
junction capacitance, but causes a
small amount of dark current to flow
even when the diode is not illuminated
(we will show a circuit which compen-
sates for the dark current error later in
the section).

This photodiode is linear with illumina-
tion up to approximately 50 to 100pA of
output current. The dynamic range is
limited by the total circuit noise and
the diode dark current (assuming no
dark current compensation).

Using the simple circuit shown in
Figure 2.60, assume that we wish to
have a full scale output of 10V for a
diode current of 100nA. This deter-
mines the value of the feedback resistor
R2 to be 10V/100pA = 100kQ.
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MOTOROLA 5082-4204 PHOTODIODE

Risetime: 10ns

Sensitivity: 350uA @ 1TmW, 900nm
Maximum Linear Output Current: 100pA
Area: 0.002cm2 (0.2mm?2)

Capacitance: 4pF @ 10V reverse bias

Shunt Resistance: 1011Q

Dark Current: 600pA @ 10V reverse bias

Figure 2.61

Analysis of Frequency Response and Stability

The photodiode preamp model is the
classical second-order system shown in
Figure 2.62, where the I/V converter
has a total input capacitance C1 (the
sum of the diode capacitance and the op
amp input capacitance). The shunt
resistance of the photodiode is neglected
since it is much greater than R2, the
feedback resistor.

The net input capacitance, C1, forms a
pole at a frequency f,, in the noise gain
transfer function as shown in the Bode
plot.

1
fp = .
2nR2C1

Note that we are neglecting the effects
of the compensation capacitor C2 and
are assuming that it is small relative to
C1 and will not significantly affect the
pole frequency fp when it is added to
the circuit. In most cases, this approxi-
mation yields results which are close
enough, considering the other variables
in the circuit.

If left uncompensated, the phase shift
at the frequency of intersection, fy, will
cause instability and oscillation. Intro-
ducing a zero at fy by adding the feed-
back capacitor C2 stabilizes the circuit
and yields a phase margin of about 45
degrees.




HicH SPEED DESIGN TECHNIQUES

COMPENSATING FOR INPUT CAPACITANCE IN A
CURRENT-TO-VOLTAGE CONVERTER USING VFB OP AMP

||_c2

I
Wk

c1 VFB -0

1

fo= 5 o3r
P 2n R2C1
IA(s)] "

, 1
x= TzR2c2

e e

ci
C2=\|2xR2-¥,

FOR 45° PHASE MARGIN

Figure 2.62

fy = 1 This value of C2 will yield a phase
27R2C2 margin of about 45 degrees. Increasing
the capacitor by a factor of 2 increases
Since fy is the geometric mean of f;, and the phase margin to about 65 degrees
the unity-gain bandwidth frequency of (see References 4 and 5).
the op amp, f;,

In practice, the optimum value of C2
3 should be optimized experimentally by
fx = Jip-fu . varying it slightly to optimize the
output pulse response.
These equations can be solved for C2: ‘

’ C1
c2= 2nR2. fy
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Selection of the Op Amp

The photodiode preamp should be a
wideband FET-input one in order to
minimize the effects of input bias
current and allow low values of photo-
currents to be detected. In addition, if
the equation for the 3dB bandwidth, fy,
is rearranged in terms of f;, R2, and
C1, then

f —J fu
X " Yarr2C1’

where C1 = Cp + Cjp,

By inspection of this equation, it is
clear that in order to maximize fy, the
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FET-input op amp should have both a
high unity gain-bandwidth product, f;,
and a low input capacitance, Cjj. In
fact, the ratio of f; to Cjy, is a good
figure-of-merit when evaluating differ-
ent op amps for this application. Figure
2.63 compares a number of FET-input
op amps suitable for photodiode
preamps.

By inspection, the AD823 op amp has
the highest ratio of unity gain-band-
width product to input capacitance, in
addition to relatively low input bias
current. For these reasons, it was
chosen for the wideband photodiode
preamp design.

FET-INPUT OP AMP COMPARISON TABLE
FOR WIDE BANDWIDTH PHOTODIODE PREAMPS

Unity GBW Input fulCin | Input Bias | Voltage Noise

Product, |Capacitance | (MHz/pF) | Current @10kHz

fu (MHz) Cin (pF) I (PA) (nVIWHz)
AD823 16 1.8 8.9 3 16
AD843 34 6 5.7 600 19
AD744 13 5.5 2.4 100 16
AD845 16 8 2 500 18
AD745* 20 20 1 250 29
AD645 1 1 1 1.5 8
AD820 1.9 2.8 0.7 2 13
AD743 4.5 20 0.2 250 2.9

* Stable for Noise Gains > 5, Usually the Case, Since
High Frequency Noise Gain =1 + C4/Cp, and Cq Usually > 4C2.

Figure 2.63
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Using the diode capacitance, Cp=4pF,
and the AD823 input capacitance,
Cin=1.8pF, the value of C1 = Cp+Cj, =
5.8pF. Solving the above equations
using C1=5.8pF, R2=100kQ2, and

fy=16MHz, we find that:
f = 274kHz
(5)2 = 0.76pF

fx = 2. IMHZ.

In the final design (Figure 2.64), note

that the 100k(2 resistor is replaced with
three 33.2kQ) film resistors to minimize
stray capacitance. The feedback capaci-

tor, C2, is a variable 1.5pF ceramic and
is adjusted in the final circuit for best
bandwidth/pulse response. The overall
circuit bandwidth is approximately
2MHz.

The full scale output voltage of the
preamp for 100pA diode current is 10V,
and the error (RTO) due to the photo-
diode dark current of 600pA is 60mV.
The dark current error can be canceled
using a second photodiode of the same
type in the non-inverting input of the
op amp as shown in Figure 2.64.

2MHz BANDWIDTH PHOTODIODE PREAMP
WITH DARK CURRENT COMPENSATION

c2 |,/ ~0.8pF
Al
C1=Cp+CiN 33.2kQ 33.2kQ 33.2kQ
Cp = 4pF, Cy = 1.8pF 1 b R2 = 100kQ
+15V
Nl
| !
-10v D1 c1 L
— 5.8pF | —0
D2
N
P D1, D2: HP-5082-4204
-5V
0'1HF -
LOW LEAKAGE 100kQ
POLYSTYRENE

Figure 2.64
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Photodiode Preamp Noise Analysis

As in most noise analyses, only the key
contributors need be identified. Because
the noise sources combine in an RSS
manner, any single noise source that is
at least three or four times as large as
any of the others will dominate.

In the case of the wideband photodiode
preamp, the dominant sources of output
noise are the input voltage noise of the
op amp, Vpj, and the resistor noise due
to R2, VR9. The input current noise of
the FET-input op amp is negligible. The
shot noise of the photodiode (caused by
the reverse bias) is negligible because of
the filtering effect of the shunt capaci-
tance C1. The resistor noise is easily
calculated by knowing that a 1kQ)
resistor generates about 4nVAHz,
therefore, a 100kQ resistor generates
40nVAHz. The bandwidth for integra-
tion is the signal bandwidth, 2.1MHz,
yielding a total output rms noise of:

VaR2(OUT) = 40v157- 21-108 = 73, Vrms.

The factor of 1.57 converts the approxi-
mate single-pole bandwidth of 2.1MHz

into the equivalent noise bandwidth.

The output noise due to the input
voltage noise is obtained by multiplying
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the noise gain by the voltage noise and
integrating the entire function over
frequency. This would be tedious if done
rigorously, but a few reasonable ap-
proximations can be made which
greatly simplify the math. Obviously,
the low frequency 1/f noise can be
neglected in the case of the wideband
circuit. The primary source of output
noise is due to the high-frequency noise-
gain peaking which occurs between f;
and f;;. If we simply assume that the
output noise is constant over the entire
range of frequencies and use the maxi-
mum value for AC noise gain
[1+(C1/C2)], then

Vni(OUT) # Vni (1*' %)\/]-57& = 250pVrms.

The total rms noise referred to the
output is then the RSS value of the two
components:

Vn(TOTAL) = \/(73)2 + (250)2 = 260uVrms .

The total output dynamic range can be
calculated by dividing the full scale
output signal (10V) by the total output
rms noise, 260pVrms, and converting to
dB, yielding approximately 92dB.
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EQUIVALENT CIRCUIT FOR OUTPUT NOISE ANALYSIS

|
c2 ||

4
JW\/'@‘< C1=5.8pF
Vi = 16nVIVHz Vi R2 v C2=0.76pF
R2 = 100kQ
C1 7] *—OVq (ToTAL)
|
1+ el e e e e - - - |
c2
|
! l
1 NOISEGAIN | |
1

fp fIx 1I:u
274kHz 2.1MHz 16MHz
B Vni(out)~ Vni (1+ % )\Fl—57—-fx = 250uV rms
| VnR2(out) z\/—m}; =73uVrms
[ | Vn(TOTAL) = \/'250—2;73T = 260pV rms

: 10V
I DYNAMIC RANGE = 20 log 2600V | © 92dB

Figure 2.65
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Dynamic RANGE COMPRESSION

In many cases, a wide dynamic range is
an essential aspect of a signal, some-
thing to be preserved at all costs. This
is true, for example, in the high-quality
reproduction of music and in communi-
cations systems. However, it is often
necessary to compress the signal to a
smaller range without any significant
loss of information. Compression is
often used in magnetic recording, where
the upper end of the dynamic range is
limited by tape saturation, and the
lower end by the granularity of the
medium. In professional noise-reduction
systems, compression is “undone” by
precisely-matched nonlinear expansion
during reproduction. Similar techniques
are often used in conveying speech over
noisy channels, where the performance
is more likely to be measured in terms
of word-intelligibility than audio fidel-
ity. The reciprocal processes of com-
pressing and expanding are
implemented using “compandors”, and
many schemes have been devised to
achieve this function.

There is a class of linear dynamic range
compression systems where the gain of
the amplifiers in the signal processing
chain is independent of the instanta-
neous amplitude of the signal, but is
controlled by a closed loop system in
such a way as to render the output
(that is the peak, or rms value) essen-
tially constant. The harmonic distortion
is relatively low. These systems use
what are often called variable-gain

amplifiers. While correct, this lacks
precision, because nonlinear amplifiers
(such as log amps) also exhibit variable
gain, but in direct response to the
signal magnitude. The term voltage
controlled amplifier (VCA) is preferred
in this context; it clearly describes the
way in which the gain control is imple-
mented, while allowing latitude in
regard to the actual circuit means used
to achieve the function. The gain may
be controlled by a current within the
circuit, but usually a voltage. Analog
multipliers may be used as VCAs, but
there are other topologies which will be
discussed later in this section.

Logarithmic amps find applications
where signals having wide dynamic
ranges (perhaps greater than 100dB)
must be processed by elements, such as
ADCs, which may have limited dynamic
ranges. Log amps have maximum
incremental gain for small signals; the
gain decreases in inverse proportion to
the magnitude of the input. This per-
mits the amplifier to accept signals
with a wide input dynamic range and
compress them substantially.

Log amps provide nonlinear dynamic
range compression and are used in
applications where low harmonic distor-
tion is not a requirement. All types of
log amps produce a low dynamic range
output without the need to first acquire
some measure of the signal amplitude
for use in controlling gain.
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We will first examine linear compres-
sion techniques using voltage-controlled
amplifiers within automatic-gain-
control (AGC) loops. Nonlinear signal
compression using log amps is then
discussed.

Both AGC loops using VCAs and log
amps make excellent building blocks for
highly integrated RF/IF subsystems for
signal processing in communications
systems as will be demonstrated.

RF /IF SUBSYSTEM BUILDING BLOCKS

M Signal Dynamic Range Compression Techniques

¢ Linear: Automatic Gain Control Loop (AGC) using
Voltage Controlled Amplifier (VCA) and Detector

¢ Non-Linear: Demodulating / Limiting Logarithmic

Amplifiers

B Modulation / Demodulation: In-Phase and Quadrature (1/Q)
and Polar (Amplitude and Phase)

¢ Dynamic Range Compression Required

¢ |F Subsystems: AGC, Log / Limiting, RSSI, Mixers

Figure 3.1

Avuromatic GAIN ConTROL (AGC) AND
VoLTAGE-CONTROLLED AMPLIFIERS (VCAS)

In radio systems, the received energy
exhibits a large dynamic range due to
the variability of the propagation path,
requiring dynamic-range compression
in the receiver. In this case, the wanted
information is in the modulation enve-
lope (whatever the modulation mode),
not in the absolute magnitude of the
carrier. For example, a 1MHz carrier
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modulated at 1kHz to a 30% modula-
tion depth would convey the same
information, whether the received
carrier level is at 0dBm or —-120dBm.
Some type of automatic gain control
(AGC) in the receiver is generally
utilized to restore the carrier amplitude
to some normalized reference level, in
the presence of large input fluctuations.



AGQC circuits are dynamic-range com-
pressors which respond to some metric
of the signal — often its mean amplitude
- acquired over an interval correspond-
ing to many periods of the carrier.
Consequently, they require time to
adjust to variations in received signal
level. The time required to respond to a
sudden increase in signal level can be

A TYPICAL AUTOMATIC GAIN

Vxsinat

VOLTAGE CONTROLLED AMP
VCA P

RF/IF SUBSYSTEMS

reduced by using peak detection meth-
ods, but with some loss of robustness,
since transient noise peaks can now
activate the AGC detection circuits.
Nonlinear filtering and the concept of
“delayed AGC” can be useful in optimiz-
ing an AGC system. Many tradeoffs are
found in practice; Figure 3.2 shows a
basic system.

CONTROL (AGC) SYSTEM

VRrsino t

o >
INPUT: UNKNOWN l/
OUTPUT: FIXED
AMPLITUDE AMPLITUDE
CONTROL/
VOLTAGE ® RECTIFIER
MEASURES DETECTOR
SIGNAL 0 ® RMS/DC CONVERTER
LEVEL ® PEAK DETECTOR
DIFFERENCE
AMP_, _
LPF
+
VREF
Figure 3.2

It is interesting to note that in an AGC
loop actually has two outputs. The
obvious output is the amplitude-stabi-
lized signal. The less obvious output is
the control voltage to the VCA, which is
in reality, a measure of the average

amplitude of the input signal. If the
system is precisely scaled, the control
voltage may be used as a measure of
the input signal, sometimes referred to
as a received signal strength indicator
(RSSI).

3-3
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VoLTAGE CONTROLLED AMPLIFIERS (VCAS)

An analog multiplier can be used as a
variable-gain amplifier as shown in
Figure 3.3. The control voltage is ap-
plied to one input, and the signal to the
other. In this configuration, the gain is
directly proportional to the control
voltage.

Most VCAs made with analog multipli-
ers have gain which is linear in volts
with respect to the control voltage, and
they tend to be noisy. There is a de-
mand, however, for a VCA which com-
bines a wide gain range with constant
bandwidth and phase, low noise with
large signal-handling capabilities, and
low distortion with low power consump-
tion, while providing accurate, stable,
linear-in-dB gain. The AD600, AD602,
and AD603 achieve these demanding

and conflicting objectives with a unique
and elegant solution - the X-AMP™ (for
exponential amplifier). The concept is
simple: a fixed-gain amplifier follows a
passive, broadband attenuator
equipped with special means to alter its
attenuation under the control of a
voltage (see Figure 3.4). The amplifier
is optimized for low input noise, and
negative feedback is used to accurately
define its moderately high gain (about
30 to 40dB) and minimize distortion.
Since this amplifier’s gain is fixed, so
also are its ac and transient response
characteristics, including distortion and
group delay; since its gain is high, its
input is never driven beyond a few
millivolts. Therefore, it is always oper-
ating within its small signal response
range.

USING A MULTIPLIER AS A
VOLTAGE-CONTROLLED AMPLIFIER (VCA)

VmO—————%
+
——0
Vo
CONTROL -
v.INPUT
¢ Y
Fi1 Rz
VIN R
Vo= —N 1+_;) Vi
o K R, (o}
Figure 3.3
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SINGLE CHANNEL OF THE DUAL 30MHz AD600/AD602 X-AMP

GAT1
T
PR A E
SCALING ECISION PASSIV GAT:::\G
REFERENCE INPUT ATTENUATOR INTERFACE

N h
C1HI @ﬂ; _ _ () A1OP
ciLo -

GAIN CONTROL ——AN—
INTERFACE RF2
2.24k() (AD600)
PR [ > i 6940 (AD602)
0dB —-6.02dB -12.04dB -18.0608 Y ~22.08dB —30.1dB ~36.12dB -42.140B ?{;‘3
ATHI
s 2 2 6254 FIXED GAIN ¢ A1
A1LO O—e— bt * ¢ hd hd AMPLIFIER
R - 2R LADDER NETWORK 41.07dB (AD600)
(Rg = 10002 £ 2%) 31.07dB (AD602)
Figure 3.4
GAIN OF THE AD600/AD602
AS A FUNCTION OF CONTROL VOLTAGE
45
P e
40 >
35 //
30 < " ‘
AD600 | e pd
25 / v
2 20 =
! //
Zz 15 (
g P AD602
© 10 7
5 // e
0 =—1 //
-5 /A
-10 ——/A
-15 )
-800 -400 0 400 800
Vg - Millivoits
Figure 3.5
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The attenuator is a 7-section (8-tap) R-
2R ladder network. The voltage ratio
between all adjacent taps is exactly 2,
or 6.02dB. This provides the basis for
the precise linear-in-dB behavior. The
overall attenuation is 42.14dB. As will
be shown, the amplifier’s input can be
connected to any one of these taps, or
even interpolated between them, with
only a small deviation error of about
+0.2dB. The overall gain can be varied
all the way from the fixed (maximum)
gain to a value 42.14dB less. For ex-
ample, in the AD600, the fixed gain is
41.07dB (a voltage gain of 113); using
this choice, the full gain range is
—-1.07dB to +41.07dB. The gain is
related to the control voltage by the
relationship G4 = 32V + 20 where
V@ is in volts. For the AD602, the fixed
gain is 31.07dB (a voltage gain of 35.8),
and the gain is given by Ggg = 32Vg +
10.

The gain at Vg = 0 is laser trimmed to
an absolute accuracy of +0.2dB. The

gain scaling is determined by an on-
chip bandgap reference (shared by both
channels), laser trimmed for high
accuracy and low temperature coeffi-
cient. Figure 3.5 shows the gain versus
the differential control voltage for both
the AD600 and the AD602.

In order to understand the operation of
the X-AMP, consider the simplified
diagram shown in Figure 3.6. Notice
that each of the eight taps is connected
to an input of one of eight bipolar
differential pairs, used as current-
controlled transconductance (gy,)
stages; the other input of all these gp,
stages is connected to the amplifier’s
gain-determining feedback network,
Rp1/Rpg. When the emitter bias cur-
rent, Ig, is directed to one of the 8
transistor pairs (by means not shown
here), it becomes the input stage for the
complete amplifier.

CONTINUOUS INTERPOLATION BETWEEN
TAPS IN THE X-AMP IS PERFORMED WITH CURRENT-
CONTROLLED gm STAGES

+
2

P

AgL —
Y3 [¥ies [¥1es [¥1e8 [¥1e7 [y
\/ Rz
——————————————————————————————————— -_—— @ AAA e
R R R R R
(ATHI) M |
e .

Rg = 1000 -

(A1LO)

(R = 500)

Figure 3.6

OUTPUT
(A10P)



When Ig is connected to the pair on the
left-hand side, the signal input is con-
nected directly to the amplifier, giving
the maximum gain. The distortion is
very low, even at high frequencies, due
to the careful open-loop design, aided by
the negative feedback. If Iy were now
to be abruptly switched to the second
pair, the overall gain would drop by
exactly 6.02dB, and the distortion
would remain low, because only one gy,
stage remains active.

In reality, the bias current is gradually
transferred from the first pair to the
second. When If is equally divided
between two gm stages, both are active,
and the situation arises where we have
an op amp with two input stages fight-
ing for control of the loop, one getting
the full signal, and the other getting a
signal exactly half as large.

Analysis shows that the effective gain
is reduced, not by 3dB, as one might
first expect, but rather by 20logl.5, or
3.52dB. This error, when divided
equally over the whole range, would
amount to a gain ripple of +0.25dB;
however, the interpolation circuit
actually generates a Gaussian distribu-
tion of bias currents, and a significant
fraction of Iy always flows in adjacent
-stages. This smoothes the gain function

RF/IF SUBSYSTEMS

and actually lowers the ripple (see
Reference 12). As Ig moves further to
the right, the overall gain progressively
drops.

The total input-referred noise of the X-
AMP™ is 1.4nV/VHz; only slightly more
than the thermal noise of a 1002
resistor which is 1.29nV/~/Hz at 25°C.
The input-referred noise is constant
regardless of the attenuator setting,
therefore the output noise is always
constant and independent of gain. For
the AD600, the amplifier gain is 113
and the output noise spectral density is
therefore 1.4nV/NHzx113, or 158nV/
VHz. Referred to its maximum output of
2V rms, the signal-to-noise ratio would
be 82dB in a 1MHz bandwidth. The
corresponding signal-to-noise ratio of
the AD602 is 10dB greater, or 92dB.
Key features of the AD600/AD602 are
summarized in Figure 3.7

The AD603 X-AMP is a single version
of the AD600/AD602 which provides
90MHz bandwidth. There are two pin-
programmable gain ranges: —11dB to
+31dB with 90MHz bandwidth, and
+9dB to +51dB with 9MHz bandwidth.
Key specifications for the AD603 are
summarized in Figure 3.8.

3-7



|
Hica SPEED DESIGN TECHNIQUES

KEY FEATURES OF THE AD600/AD602 X-AMPS

Precise Decibel-Scaled Gain Control

Accurate Absolute Gain Calibration

Low Input-Referred Noise (1.4nV/VHz)

Constant Bandwidth (dc to 35MHz)

Low Distortion: -60dBc¢ THD at 1V Output

Stable Group Delay (+2ns Over Gain Range)
Response Time: Less than 1us for 40dB Gain Change_

Low Power (125mW per channel maximum)

Differential Control Inputs

Figure 3.7

KEY FEATURES OF THE AD603 X-AMP
B Precise "Linear in dB" Gain Control

M Pin Programmable Gain Ranges:
-11dB to +31dB with 90MHz Bandwidth
+9dB to + 51dB with 9MHz Bandwidth

Bandwidth Independent of Variable Gain

Low Input-Referred Noise (1.3nV/VHz)

+0.5dB Typical Gain Accuracy

Low Distortion: -60dBc, 1V rms Output @ 10MHz

Low Power (125mW)

8-pin Plastic SOIC or Ceramic DIP

Figure 3.8
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A COMPLETE 80dB RMS-LINEAR-dB MEASUREMENT SYSTEM
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Figure 3.9

AN 80 dB RMS-LINEAR-dB MEASUREMENT SYSTEM
RMS/DC converters provide a means to between the rms output of the AD636

measure the rms value of an arbitrary and a fixed DC reference is nulled in a
waveform. They also may provide a loop integrator. The dynamic range and
low-accuracy logarithmic (“decibel- the accuracy with which the signal can
scaled”) output. However, they have a be determined are now entirely depen-
fairly small dynamic range — typically dent on the amplifier used in the AGC
only 50dB. More troublesome is that system. Since the input to the RMS/DC
the bandwidth is roughly proportional converter is forced to a constant ampli-
to the signal level; for example, the tude, close to its maximum input capa-
ADG636 provides a 3dB bandwidth of bility, the bandwidth is no longer
900kHz for an input of 100mV rms, signal-dependent. If the amplifier has a
but only a 100kHz bandwidth for an precise exponential (“linear-dB”) gain-
input of 10mV rms. Its “raw” logarith- control law, its control voltage is forced
mic output is unbuffered, uncalibrated, by the AGC loop to have the general
and not stable over temperature, re- form

quiring considerable support circuitry,
including at least two adjustments and

a special high-TC resistor. VLOG = Vs logio ___VIN(RMS)_

vz

All of these problems can be eliminated

using an RMS/DC converter (i.e., where Vg is the logarithmic slope and Vz
ADG636) merely as the detector element is the logarithmic intercept, that is, the
in an AGC loop, in which the difference value of VN for which V1,0q is zero.

3-9
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Figure 3.9 shows a practical wide-
dynamic-range rms measurement
system using the AD600. It can handle
inputs from 100uV to 1V rms (4 de-
cades) with a constant measurement
bandwidth of 20Hz to 2MHz, limited
primarily by the AD636 RMS/DC
converter. Its logarithmic output is a
buffered voltage, accurately-calibrated
to 100mV/dB, or 2V per decade, which
simplifies the interpretation of the
reading when using a DVM, and is
arranged to be —4V for an input of
100uV rms input, zero for 10mV, and
+4V for a 1V rms input. In terms of the
above equation, Vg is 2V and Vg is
10mV.

Note that the peak “log-output” of +4V
requires the use of +6V supplies for the
dual op-amp U3 (AD712), although
lower supplies would suffice for the
AD600 and AD636. If only +5V supplies
are available, it will either be necessary
to use a reduced value for Vg (say, 1V,
in which case the peak output would be
only +2V), or to restrict the dynamic
range of the signal to about 60dB.

The two amplifiers of the AD600 are
used in cascade. The modest bandwidth
of the unity-gain buffer U3A acts as a
low pass filter, thus eliminating the
risk of instability at the highest gains.
The buffer also allows the use of a high-
impedance coupling network (C1/R3)
which introduces a high-pass corner at
about 12Hz. An input attenuator of
10dB (x 0.316) is now provided by R1 +
R2 operating in conjunction with the
ADG600’s input resistance of 100Q. The
adjustment provides exact calibration
of Vz in critical applications, but R1
and R2 may be replaced by a fixed
resistor of 215Q if very close calibration
is not needed, since the input resistance
of the AD600 (and all the other key
parameters of it and the AD636) are
already laser-trimmed for accurate
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operation. This attenuator allows
inputs as large as +4V to be accepted,
that is, signals with an rms value of 1V
combined with a crest-factor of up to 4.

The output of A2 is AC-coupled via
another 12Hz high-pass filter formed by
C2 and the 6.7kQ input resistance of
the AD636. The averaging time-con-
stant for the RMS/DC converter is
determined by C4. The unbuffered
output of the AD636 (at pin 8) is com-
pared with a fixed voltage of +316mV
set by the positive supply voltage of
+6V and resistors R6 and R7. (Vz is
proportional to this voltage, and sys-
tems requiring greater calibration
accuracy should replace the supply-
dependent reference with a more stable
source. However, Vs is independent of
the supply voltages, being determined
by the band-gap reference in the X-
AMP.) Any difference in these voltages
is integrated by the op-amp U8B, with
a time-constant of 3ms formed by the
parallel sum of R6/R7 and C3.

If the gain of the AD600 is too high,
Vour will be greater than the “set-
point” of 316mV, causing the output of
U3B - that is, V[,o@ — to ramp up (note
that the integrator is non-inverting). A
fraction of V1 g is connected to the
inverting gain-control inputs of the
ADG600, causing the gain to be reduced,
as required, until Voyr is equal to
316mYV (DC), at which time the AC
voltage at the output of A2 is forced to
exactly 316mV (rms). This fraction is
set by R4 and R5 such that a 15.625mV
change in the control voltages of A1 and
A2 — which would change the gain of
the two cascaded amplifiers by 1 dB —
requires a change of 100mV at Vi gg.
Since A2 is forced to operate well below
its limiting level, waveforms of high
crest-factor can be tolerated throughout
the amplifier.



To verify the operation, assume an
input of 10mV rms is applied to the
input, resulting in a voltage of 3.16mV
rms at the input to Al (due to the 10dB
attenuator). If the system performs as
claimed, Vi 0 (and hence Vg) should
be zero. This being the case, the gain of
both Al and A2 will be 20dB and the
output of the AD600 will be 100 times
(40dB) greater than its input, 316mV
rms. This is the input required at the
AD636 to balance the loop, confirming
the basic operation. Note that unlike
most AGC circuits, (which often have a
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high gain/temperature coefficient due to
the internal “kT/q” scaling), the volt-
ages and thus the output of this mea-
surement system are very stable over
temperature. This behavior arises
directly from the exact exponential
calibration of the ladder attenuator.

Typical results are shown for a
sinewave input at 100kHz. Figure 3.10
shows that the output is held very close
to the set-point of 316mYV rms over an
input range in excess of 80dB.

SIGNAL OUTPUT Vout VERSUS INPUT LEVEL
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100mV v 10V
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Figure 3.10
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Figure 3.11 shows the “decibel” output logarithmic output is within +1 dB for

voltage, VLOG, and Figure 3.12 shows the 80dB range from 80uV to 800mV.
thatthedeviation from theideal output

THE LOGARITHMIC OUTPUT V| oG
VERSUS INPUT SIGNAL LEVEL
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Figure 3.11
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Figure 3.12



By suitable choice of the input attenua-
tor, R1+R2, this could be centered to
cover any range from 25uV to 250mV
to, say, 1mV to 10V, with appropriate
correction to the value of Vg. (Note that
Vg is not affected by the changes in the
range). The gain ripple of +0.2dB seen
in this curve is the result of the finite
interpolation error of the X-AMP. It
occurs with a periodicity of 12dB —
twice the separation between the tap
points in each amplifier section.

This ripple can be canceled whenever
the X-AMP stages are cascaded by
introducing a 3dB offset between the
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two pairs of control voltages. A simple
means to achieve this is shown in
Figure 3.13: the voltages at C1HI and
C2HI are “split” by +46.875mV, or
+1.5dB. Alternatively, either one of
these pins can be individually offset by
3dB, and a 1.5dB gain adjustment
made at the input attenuator (R1+R2).
The error curve shown in Figure 3.14
demonstrates that over the central
portion of the range, the output voltage
can be maintained very close to the
ideal value. The penalty for this modifi-
cation is higher errors at both ends of
the range.

METHOD FOR CANCELING THE
GAIN-CONTROL RIPPLE
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LOGARITHMIC ERROR USING THE
PREVIOUS CIRCUIT MODIFICATION
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Figure 3.15 shows the ease with which
the AD603 (90MHz X-AMP) can be
used as a high speed AGC amplifier.
The circuit uses few parts, has a linear-
in-dB gain, operates from a single
supply, uses two cascaded amplifiers in
sequential gain mode for maximum S/N
ratio (see the data sheet for the AD600/
ADG602, or AD603 for a complete de-
scription of the methods for cascading
X-AMPS), and external resistor pro-
grams each amplifier’s gain. It also
uses a simple temperature-compen-
sated detector.

The circuit operates from a single +10V
supply. Resistors R1, R2 and R3, R4
bias the common pins of Al and A2 at
5V. This pin is a low impedance point
and must have a low impedance path to
ground, provided by the 100uF tanta-
lum capacitor and the 0.1pF ceramic
capacitors.

The cascaded amplifiers operate in
sequential gain. The offset voltage
between the pins 2 (GNEG) of A1 and
A2 is 1.05V (42.14dB x 25mV/dB),
provided by a voltage divider consisting
of resistors R5, R6, and R7. Using
standard values, the offset is not exact
but is not critical for this application.

The gain of both Al and A2 is pro-
grammed by resistors R13 and R14,
respectively, to be about 42dB; thus the
maximum gain of the circuit is twice
that, or 84dB. The gain-control range
can be shifted up by as much as 20dB
by appropriate choices of R13 and R14.

The circuit operates as follows. Al and
A2 are cascaded. Capacitor C1 and the
1009 of resistance at the input of Al
form a time-constant of 10us. C2 blocks
the small DC offset voltage at the
output of A1l (which might otherwise
saturate A2 at its maximum gain) and
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introduces a high-pass corner at about
16kHz, eliminating low frequency
noise.

A half-wave detector is used based on
Q1 and R8. The current into capacitor
Cay is the difference between the
collector current of Q2 (biased to be
300pA at 27°C, 300K) and the collector
current of Q1, which increases with the
amplitude of the output signal. The
automatic gain control voltage, VAG(C,
is the time-integral of this error cur-
rent. In order for VoG (and thus the
gain) to remain insensitive to short-
term amplitude fluctuations in the
output signal, the rectified current in
Q1 must, on average, exactly balance
the current in Q2. If the output of A2 is
too small to do this, VoG will in-
crease, causing the gain to increase,
until Q1 conducts sufficiently.

Consider the case where R8 is zero and
the output voltage VouT is a square
wave at, say 455kHz, that is, well
above the corner frequency of the
control loop.

During the time Vo is negative with
respect to the base voltage of Q1, Q1
conducts; when VU is positive, it is
cut off. Since the average collector
current of Q1 is forced to be 300pA, and
the square wave has a duty cycle of 1:1,
Q1’s collector current when conducting
must be 600pA. With R8 omitted, the
peak amplitude of Vo is forced to be
just the Vg of Q1 at 600pA, typically
about 700mV, or 2VBE peak-to-peak.
This voltage, hence the amplitude at
which the output stabilizes, has a
strong negative temperature coefficient
(TC), typically —1.7mV/°C. Although
this may not be troublesome in some
applications, the correct value of R8 will
render the output stable with tempera-
ture.
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To understand this, first note that the
current in Q2 is made to be propor-
tional to absolute temperature (PTAT).
For the moment, continue to assume
that the signal is a square wave.

When Q1 is conducting, Vo is now
the sum of VR and a voltage which is
PTAT and which can be chosen to have
an equal but opposite TC to that of
VBE. This is actually nothing more
than an application of the “bandgap
voltage reference” principle. When R8 is
chosen such that the sum of the voltage
across it and the VBg of Q1 is close to
the bandgap voltage of about 1.2V,
Vour will be stable over a wide range
of temperatures, provided, of course,
that Q1 and Q2 share the same ther-
mal environment.

Since the average emitter current is
600pA during each half-cycle of the
square wave, a resistor of 833Q would
add a PTAT voltage of 500mV at 300K,
increasing by 1.66mV/°C. In practice,
the optimum value will depend on the
type of transistor used, and, to a lesser
extent, on the waveform for which the
temperature stability is to be opti-
mized; for the inexpensive 2N3904/
2N3906 pair and sine wave signals, the
recommended value is 806€2.

This resistor also serves to lower the
peak current in Q1 when more typical
signals (usually sinusoidal) are in-
volved, and the 1.8kHz lowpass filter it
forms with Cpy helps to minimize
distortion due to ripple in VAGC. Note
that the output amplitude under sine
wave conditions will be higher than for
a square wave, since the average value
of the current for an ideal rectifier
would be 0.637 times as large, causing
the output amplitude to be 1.2V/
0.637=1.88V, or 1.33V rms. In practice,
the somewhat nonideal rectifier results
in the sine wave output being regulated
to about 1.4Vrms, or 3.6V p-p.

The bandwidth of the circuit exceeds
40MHz. At 10.7MHz, the AGC thresh-
old is 100nV (-67dBm) and its maxi-
mum gain is 83dB, 20log(1.4V/100uV).
The circuit holds its output at 1.4V rms
for inputs as low as -67dBm to +15dBm
(82dB), where the input signal exceeds
the AD603’s maximum input rating.
For a +10dBm input at 10.7MHz, the
second harmonic is 34dB down from the
fundamental, and the third harmonic is
35dB down.



LOGARITHMIC AMPLIFIERS

The term “Logarithmic Amplifier”
(generally abbreviated to “log amp”) is
something of a misnomer, and “Loga-
rithmic Converter” would be a better
description. The conversion of a signal
to its equivalent logarithmic value
involves a nonlinear operation, the
consequences of which can be confusing
if not fully understood. It is important
to realize that many of the familiar
concepts of linear circuits are irrelevant
to log amps. For example, the incre-
mental gain of an ideal log amp ap-
proaches infinity as the input
approaches zero, and a change of offset
at the output of a log amp is equivalent
to a change of amplitude at its input -
not a change of input offset.

For the purposes of simplicity in our
initial discussions, we shall assume
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that both the input and the output of a
log amp are voltages, although there is
no particular reason why logarithmic
current, transimpedance, or
transconductance amplifiers should not
also be designed.

If we consider the equation y = log(x)
we find that every time x is multiplied
by a constant A, y increases by another
constant Al. Thus if log(K) = K1, then
log(AK) = K1 + A1, log(A2K) = K1 +
2A1, and log(K/A) = K1 — Al. This gives
a graph as shown in Figure 3.16, where
y is zero when x is unity, y approaches
minus infinity as x approaches zero,
and which has no values for x for which
y is negative.

GRAPH OF Y = LOG(X)

Figure 3.16
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On the whole, log amps do not behave
in this way. Apart from the difficulties
of arranging infinite negative output
voltages, such a device would not, in
fact, be very useful. A log amp must
satisfy a transfer function of the form

over some range of input values which
may vary from 100:1 (40dB) to over
1,000,000:1 (120dB).

With inputs very close to zero, log amps
cease to behave logarithmically, and
most then have a linear V;,,/Vut law.
This behavior is often lost in device
noise. Noise often limits the dynamic

range of a log amp. The constant,
Vy,has the dimensions of voltage,
because the output is a voltage. The
input, Vi, is divided by a voltage, Vg,
because the argument of a logarithm
must be a simple dimensionless ratio.

A graph of the transfer characteristic of
a log amp is shown in Figure 3.17. The
scale of the horizontal axis (the input)
is logarithmic, and the ideal transfer
characteristic is a straight line. When
Vin = Vx, the logarithm is zero (log 1 =
0). Vy is therefore known as the inter-
cept voltage of the log amp because the
graph crosses the horizontal axis at this
value of V.

LOG AMP TRANSFER FUNCTION

VyLOG (V;/Vy) +Z_1DEAL
p /
AC
T TUAL

Yy oo

+

0

’ ACTURL : INPUT ON
i // VIN = Vx V|N = 1OVX VlN = 100Vx LOG SCALE

/
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Figure 3.17



The slope of the line is proportional to
Vy. When setting scales, logarithms to
the base 10 are most often used be-
cause this simplifies the relationship to
decibel values: when Vi, = 10Vg,the
logarithm has the value of 1, so the
output voltage is Vy. When Vj, =
100Vy, the output 1s 2Vy ,and so forth.
Vy can therefore be viewed either as
the “slope voltage” or as the “volts per
decade factor.”

The logarithm function is indetermi-
nate for negative values of x. Log amps
can respond to negative inputs in three
different ways: (1) They can give a
fullscale negative output as shown in
Figure 3.18. (2) They can give an
output which is proportional to the log
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of the absolute value of the input and
disregards its sign as shown in Figure
3.19. This type of log amp can be con-
sidered to be a full-wave detector with a
logarithmic characteristic, and is often
referred to as a detecting log amp. (3)
They can give an output which is pro-
portional to the log of the absolute
value of the input and has the same
sign as the input as shown in Figure
3.20. This type of log amp can be con-
sidered to be a video amp with a loga-
rithmic characteristic, and may be
known as a logarithmic video (log video)
amplifier or, sometimes, a true log amp
(although this type of log amp is rarely
used in video-display-related applica-
tions).

BASIC LOG AMP
(SATURATES WITH NEGATIVE INPUT)

+

OQUTPUT

+
INPUT

Figure 3.18
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DETECTING LOG AMP
(OUTPUT POLARITY INDEPENDENT
OF INPUT POLARITY)

OUTPUT

+
INPUT

Figure 3.19

LOG VIDEO OR "TRUE LOG AMP"
(SYMMETRICAL RESPONSE
TO POSITIVE OR NEGATIVE SIGNALS)

+

OUTPUT

+
INPUT

Figure 3.20
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There are three basic architectures
which may be used to produce log
amps: the basic diode log amp, the
successive detection log amp, and the
“true log amp” which is based on cas-
caded semi-limiting amplifiers.

The voltage across a silicon diode is
proportional to the logarithm of the
current through it. If a diode is placed
in the feedback path of an inverting op-
amp, the output voltage will be propor-
tional to the log of the input current as
shown in Figure 3.21. In practice, the
dynamic range of this configuration is
limited to 40-60dB because of non-ideal
diode characteristic, but if the diode is
replaced with a diode-connected tran-
sistor as shown in Figure 3.22, the
dynamic range can be extended to
120dB or more. This type of log amp
has three disadvantages: (1) both the
slope and intercept are temperature
dependent; (2) it will only handle unipo-
lar signals; and (3) its bandwidth is
both limited and dependent on signal
amplitude.

Where several such log amps are used
on a single chip to produce an analog
computer which performs both log and
antilog operations, the temperature
variation in the log operations is unim-
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portant, since it is compensated by a
similar variation in the antilogging.
This makes possible the AD538, a
monolithic analog computer which can
multiply, divide, and raise to powers.
Where actual logging is required,
however, the AD538 and similar cir-
cuits require temperature compensation
(Reference 7). The major disadvantage
of this type of log amp for high fre-
quency applications, though, is its
limited frequency response - which
cannot be overcome. However carefully
the amplifier is designed, there will
always be a residual feedback capaci-
tance C, (often known as Miller capaci-
tance), from output to input which
limits the high frequency response.

What makes this Miller capacitance
particularly troublesome is that the
impedance of the emitter-base junction
is inversely proportional to the current
flowing in it - so that if the log amp has
a dynamic range of 1,000,000:1, then
its bandwidth will also vary by
1,000,000:1. In practice, the variation is
less because other considerations limit
the large signal bandwidth, but it is
very difficult to make a log amp of this
type with a small-signal bandwidth
greater than a few hundred kHz.
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THE DIODE / OP-AMP LOG AMP
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Figure 3.21

TRANSISTOR / OP-AMP LOG AMP
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Figure 3.22
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For high frequency applications, there-
fore, detecting and true log architec-
tures are used. Although these differ in
detail, the general principle behind
their design is common to both: instead
of one amplifier having a logarithmic
characteristic, these designs use a
number of similar cascaded linear
stages having well-defined large signal
behavior.

Consider N cascaded limiting amplifi-
ers, the output of each driving a sum-
ming circuit as well as the next stage
(Figure 3.23). If each amplifier has a

gain of A dB, the small signal gain of

the strip is NA dB. If the input signal is -

small enough for the last stage not to
limit, the output of the summing ampli-
fier will be dominated by the output of
the last stage.

As the input signal increases, the last
stage will limit. It will now make a
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fixed contribution to the output of the
summing amplifier, but the incremen-
tal gain to the summing amplifier will
drop to (N-1)A dB. As the input contin-
ues to increase, this stage in turn will
limit and make a fixed contribution to
the output, and the incremental gain
will drop to (N-2)A dB, and so forth -
until the first stage limits, and the
output ceases to change with increasing
signal input.

The response curve is thus a set of
straight lines as shown in Figure 3.24.
The total of these lines, though, is a
very good approximation to a logarith-
mic curve, and in practical cases, is an
even better one, because few limiting
amplifiers, especially high frequency
ones, limit quite as abruptly as this
model assumes.

BASIC MULTI-STAGE LOG AMP ARCHITECTURE

INPUT

OUTPUT

}\Fy

Figure 3.23
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BASIC MULTI-STAGE LOG AMP RESPONSE
(UNIPOLAR CASE)

OUTPUT

} G = (N-2)AdB

Ke = (N-1)A dB

} G=(N-3)AdB

G=0

L4

_______ } G=(N-9)AdB

INPUT

Figure 3.24

The choice of gain, A, will also affect
the log linearity. If the gain is too high,
the log approximation will be poor. If it
is too low, too many stages will be
required to achieve the desired dynamic
range. Generally, gains of 10 to 12dB
(3x to 4x) are chosen.

This is, of course, an ideal and very
general model - it demonstrates the
principle, but its practical implementa-
tion at very high frequencies is difficult.
Assume that there is a delay in each
limiting amplifier of t nanoseconds (this
delay may also change when the ampli-
fier limits but let’s consider first order
effects!). The signal which passes
through all N stages will undergo delay
of Nt nanoseconds, while the signal
which only passes one stage will be
delayed only t nanoseconds. This means
that a small signal is delayed by Nt
nanoseconds, while a large one is
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“smeared”, and arrives spread over Nt
nanoseconds. A nanosecond equals a
foot at the speed of light, so such an
effect represents a spread in position of
Nt feet in the resolution of a radar
system-which may be unacceptable in
some systems (for most log amp appli-
cations this is not a problem).

A solution is to insert delays in the
signal paths to the summing amplifier,
but this can become complex. Another
solution is to alter the architecture
slightly so that instead of limiting gain
stages, we have stages with small
signal gain of A and large signal (incre-
mental) gain of unity (0dB). We can
model such stages as two parallel
amplifiers, a limiting one with gain,
and a unity gain buffer, which together
feed a summing amplifier as shown in
Figure 3.25.
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STRUCTURE AND PERFORMANCE OF
"TRUE" LOG AMP ELEMENT AND OF A
LOG AMP FORMED BY SEVERAL SUCH ELEMENTS
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GAIN=3
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Figure 3.25
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OUTPUT

B DETECTORS MAY BE FULL Ok HALF WAVE

M SHOULD BE CURRENT OUTPUT DEVICES (NOT
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Figure 3.26
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Figure 3.25 shows that such stages,
cascaded, form a log amp without the
necessity of summing from individual
stages. Both the multi-stage architec-
tures described above are video log
amplifiers, or true log amplifiers, but
the most common type of high fre-
quency log amplifier is the successive
detection log amp architecture shown in
Figure 3.26.

The successive detection log amp con-
sists of cascaded limiting stages as
described above, but instead of sum-
ming their outputs directly, these
outputs are applied to detectors, and
the detector outputs are summed as
shown in Figure 3.26. If the detectors
have current outputs, the summing
process may involve no more than
connecting all the detector outputs
together.

Log amps using this architecture have
two outputs: the log output and a
limiting output. In many applications,
the limiting output is not used, but in
some (FM receivers with “S”-meters, for
example), both are necessary. The
limited output is especially useful in
extracting the phase information from
the input signal in polar demodulation
techniques.

The log output of a successive detection
log amplifier generally contains ampli-
tude information, and the phase and
frequency information is lost. This is
not necessarily the case, however, if a
half-wave detector is used, and atten-
tion is paid to equalizing the delays
from the successive detectors - but the
design of such log amps is demanding.

The specifications of log amps will
include noise, dynamic range, frequency

response (some of the amplifiers used as
successive detection log amp stages
have low frequency as well as high
frequency cutoff), the slope of the trans-
fer characteristic (which is expressed as
V/dB or mA/dB depending on whether
we are considering a voltage- or cur-
rent-output device), the intercept point
(the input level at which the output
voltage or current is zero), and the log
linearity. (See Figures 3.27 and 3.28)

In the past, it has been necessary to
construct high performance, high
frequency successive detection log amps
(called log strips) using a number of
individual monolithic limiting amplifi-
ers such as the Plessey SL-1521-series
(see Reference 16). Recent advances in
IC processes, however, have allowed
the complete log strip function to be
integrated into a single chip, thereby
eliminating the need for costly hybrid
log strips.

The AD641 log amp contains five
limiting stages (10dB per stage) and
five full-wave detectors in a single IC
package, and its logarithmic perfor-
mance extends from dc to 250MHz.
Furthermore, its amplifier and full-
wave detector stages are balanced so
that, with proper layout, instability
from feedback via supply rails is un-
likely. A block diagram of the AD641 is
shown in Figure 3.29. Unlike many
previous integrated circuit log amps,
the AD641 is laser trimmed to high
absolute accuracy of both slope and
intercept, and is fully temperature
compensated. Key features of the
AD641 are summarized in Figure 3.30.
The transfer function for the AD641 as
well as the log linearity is shown in
Figure 3.31.
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KEY PARAMETERS OF LOG AMPS

NOISE: The Noise Referred to the Input (RTI) of the Log Amp.

It May Be Expressed as a Noise Figure or as a Noise Spectral
Density (Voltage, Current, or Both) or as a Noise Voltage, a Noise
Current, or Both

DYNAMIC RANGE: Range of Signal Over Which the Amplifier
Behaves in a Logarithmic Manner (Expressed in dB)

FREQUENCY RESPONSE: Range of Frequencies Over Which
the Log Amp Functions Correctly

SLOPE: Gradient of Transfer Characteristic in V/dB or mA/dB

INTERCEPT POINT: Value of Input Signal at Which Output is Zero -

LOG LINEARITY: Deviation of Transfer Characteristic (Plotted on
log/lin Axes) from a Straight Line (Expressed in dB)

Figure 3.27

LOG LINEARITY

EO
(LINEAR)

<~ LOG ERROR

E; (dBm)

Figure 3.28
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BLOCK DIAGRAM OF THE AD641 MONOLITHIC LOG AMP
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AD641 KEY FEATURES
44dB Dynamic Range
Bandwidth dc to 250MHz
Laser-Trimmed Slope of 1mA/decade - Temperature Stable
Laser-Trimmed Intercept of 1mV - Temperature Stable

Less than 2dB Log Non-Linearity

Limiter Output: +1.6dB Gain Flatness, +2° Phase Variation
for -44dBm to 0dBm inputs @ 10.7MHz

Balanced Circuitry for Stability

B Minimal External Component Requirement

Figure 3.30
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DC LOGARITHMIC TRANSFER FUNCTION
AND ERROR CURVE FOR SINGLE AD641
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Figure 3.31

THE EFFECT OF WAVEFORM ON INTERCEPT POINT

INPUT PEAK INTERCEPT ERROR (RELATIVE

WAVEFORM OR RMS FACTOR TO A DC INPUT)
Square Wave Either 1 0.00dB
Sine Wave Peak 2 -6.02dB
Sine Wave RMS 1.414 (V2) -3.01dB
Triwave Peak 2.718 (e) -8.68dB
Triwave RMS 1.569 (e/3) -3.91dB
Gaussian Noise RMS 1.887 -5.52dB

Figure 3.32
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Because of its high accuracy, the actual
waveform driving the AD641 must be
considered when calculating responses.
When a waveform passes through a log
function generator, the mean value of
the resultant waveform changes. This
does not affect the slope of the response,
but the apparent intercept is modified
according to Figure 3.32.

The AD641 is calibrated and laser
trimmed to give its defined response to
a DC level or a symmetrical 2kHz
square wave. It is also specified to have
an intercept of 2mV for a sinewave
input (that is to say a 2kHz sinewave of
amplitude 2mV peak [not peak-to-peak]
gives the same mean output signal as a
DC or square wave signal of 1mV).

The waveform also affects the ripple or
nonlinearity of the log response. This
ripple is greatest for DC or square wave
inputs because every value of the input
voltage maps to a single location on the
transfer function, and thus traces out
the full nonlinearities of the log re-
sponse. By contrast, a general time-
varying signal has a continuum of
values within each cycle of its wave-
form. The averaged output is thereby
“smoothed” because the periodic devia-
tions away from the ideal response, as
the waveform “sweeps over” the trans-
fer function, tend to cancel. As is clear
in Figure 3.33, this smoothing effect is
greatest for a triwave.

THE EFFECT OF WAVEFORM ON AD641 LOG LINEARITY

N\

SQUARE
WAVE INPUT

SINE WAVE
INPUT

b

TRIWAVE \

INPUT

DEVIATION FROM EXACT LOGARITHMIC
TRANSFER FUNCTION - dB

0
-80 -70 -60 -50

-40 -30 -20 -10

INPUT AMPLITUDE IN dB ABOVE 1V, AT 10kHz

Figure 3.33
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Each of the five stages in the AD641
has a gain of 10dB and a full-wave
detected output. The transfer function
for the device was shown in Figure 3.21
along with the error curve. Note the
excellent log linearity over an input
range of 1 to 100mV (40dB). Although
well suited to RF applications, the
AD641 is dc-coupled throughout. This
allows it to be used in LF and VLF
systems, including audio measure-
ments, sonar, and other instrumenta-
tion applications requiring operation to
low frequencies or even dc.

The limiter output of the AD641 has
better than 1.6dB gain flatness
(-44dBm to 0dBm @ 10.7MHz) and less
than 2° phase variation, allowing it to
be used as a polar demodulator

The AD606 is a complete monolithic
50MHz bandwidth log amp using 9
stages of successive detection, and is

RF/IF SUBSYSTEMS

shown in Figure 3.34. Key specifica-
tions are summarized in Figure 3.35.
Seven of the amplifier/detector stages
handle inputs from —80dBm (32pV rms)
up to about —-14dBm (45mV rms). The
noise floor is about —83dBm (18uV
rms). Another two parallel stages
receive the input attenuated by 22.3dB,
and respond to inputs up to +10dBm
(707mV rms). The gain of each stage is
11.15dB and is accurately stabilized
over temperature by a precise biasing
system.

The AD606 provides both logarithmic
and limited outputs. The logarithmic
output is from a three-pole post-de-
modulation lowpass filter and provides
an output voltage of +0.1V DC to +4V
DC. The logarithmic scaling is such
that the output is +0.5V for a sinusoidal
input of -75dBm, and +3.5V at an
input of +5dBm. Over this range, the
log linearity is typically within +0.4dB.

AD606 50MHz, 80dB LOG AMP BLOCK DIAGRAM
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AD606 LOG AMP KEY FEATURES

Dynamic Range: -75dBm to +5dBm (80dB)
Input Noise: < 1.5nV/VHz

Usable from 200Hz to Greater than 50MHz
Slope: 37.5mV/dB Voltage Output

On-Chip Lowpass Output Filter

Limiter Output: £1.6dB Gain Flatness, £2° Phase Variation
for -44dBm to 0dBm inputs @ 10.7MHz

+5V Single-Supply, 65mW Power Consumption

Figure 3.35

The AD606 can operate above and collector outputs. In a typical applica-
below these limits, with reduced linear-  tion, both of these outputs are loaded
ity, to provide as much as 90dB of by 2002 resistors to provide a voltage
conversion range. A second lowpass gain of more than 90dB from the input.
filter automatically nulls the input This limiting amplifier has exception-
offset of the first stage down to the ally low amplitude-to-phase conversion.
submicrovolt level. The limiter output has +1dB output

flatness and +3° phase stability over an

The AD606’s limiter output provides a 80dB range at 10.7MHz.
hard-limited signal output as a differ-
ential current of +1.2mA from open-



RECEIVER OVERVIEW
Walt Kester, Bob Clarke

We will now consider how the previ-
ously discussed building blocks can be
used in designing a receiver. First,
consider the analog superheterodyne
receiver invented in 1917 by Major
Edwin H. Armstrong (see Figure 3.36).
This architecture represented a signifi-
cant improvement over single-stage
direct conversion (homodyne) receivers
which had previously been constructed

RF/IF SUBSYSTEMS

using tuned RF amplifiers, a single
detector, and an audio gain stage. A
significant advantage of the superhet-
erodyne receiver is that it is much
easier and more economical to have the
gain and selectivity of a receiver at
fixed intermediate frequencies (IF) than
to have the gain and frequency-selec-
tive circuits “tune” over a band of
frequencies.

DUAL CONVERSION SUPERHET RECEIVER

(EXAMPLE FREQUENCIES)
i 900MHz
RF
I\ IF STRIP
L61 1STIF LO2 2ND IF
:7 TUNED 240MHz FIXED 10.7MHz
M\

M\ —{>—DEM00ULAT0R

Figure 3.36

The receiver shown is a dual conversion
receiver with two intermediate fre-
quency (IF') stages. The frequencies
chosen are typical in digital mobile
radio (DMR), but the principles apply to
other systems as well. The 900MHz RF
signal is mixed down to the first IF
frequency of 240MHz. Tuning is accom-

plished by the first local oscillator
(LO1). The LO1 frequency is chosen
such that the output of the first mixer
is at the first IF frequency, 240MHz.
Choosing a relatively high first IF
frequency eases the requirement on the
image frequency rejection filter as will
be discussed in the next section on
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mixers. The first IF is then mixed down
to the second IF frequency of 10.7MHz,
where it is demodulated (either using
analog or digital techniques).

Because of the wide dynamic range of
the RF signal, such a receiver requires
the use of automatic gain control,
voltage controlled amplifiers, and in
some cases (depending on the type of
demodulation), logarithmic amplifiers.

Receiver design is a complicated art,
and there are many tradeoffs that can
be made between IF frequencies, single-

conversion vs. double-conversion or
triple conversion, filter cost and com-
plexity at each stage in the receiver,
demodulation schemes, etc. There are
many excellent references on the sub-
ject, and the purpose of this section is
only to acquaint the design engineer
with some of the building block ICs
which can make receiver design much
easier.

Before we look at further details of a
receiver, the subject of mixing requires
further discussion.

MUuLTIPLIERS, MODULATORS, AND MIXERS

Barrie Gilbert, Bob Clarke

An idealized mixer is shown in Figure
3.37. An RF (or IF) mixer (not to be
confused with video and audio mixers)
is an active or passive device that
converts a signal from one frequency to
another. It can either modulate or
demodulate a signal. It has three signal

connections, which are called ports in
the language of radio engineers. These
three ports are the radio frequency (RF)
input, the local oscillator (LO) input,
and the intermediate frequency (IF)
output.

THE MIXING PROCESS
IDEAL MIXER
RF INPUT IF OUTPUT

TRF fRF +fLO
fRF - fLO

LO INPUT

fLo
Figure 3.37

3-34



A mixer takes an RF input signal at a
frequency fRp, mixes it with a LO
signal at a frequency f],0, and produces
an IF output signal that consists of the
sum and difference frequencies, fRp +
fL,0. The user provides a bandpass
filter that follows the mixer and selects
the sum (fgp + f1,0) or difference (fRp
— f1,0) frequency.

Some points to note about mixers and
their terminology:

e When the sum frequency is used as
the IF, the mixer called an upconverter;
when the difference is used, the mixer
is called a downconverter. The former is
often used in a transmit channel, the
latter in a receive channel.

¢ In a receiver, when the LO frequency
is below the RF, it is called low-side
injection and the mixer a low-side
downconverter; when the LO is above
the RF, it is called high-side injection,
and the mixer a high-side
downconuverter.

e Each of the outputs is only half the
amplitude (one-quarter the power) of
the individual inputs; thus, there is a
loss of 6dB in this ideal linear mixer.
(In a practical multiplier, the conver-
sion loss may be greater than 6dB,
depending on the scaling parameters of
the device. Here, we assume a math-
ematical multiplier, having no dimen-
sional attributes.

A mixer can be implemented in several
ways, using active or passive tech-
niques. A brief review of the various
classes of nonlinear elements that can
be used for frequency translation may
be helpful in setting the context. We
can identify three subclasses of circuits,
sharing certain similarities. All are in
the class of signal multipliers, produc-
ing at their output a signal which is, in
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one way or another, the product of its
two inputs. They are multipliers, modu-
lators, and mixers.

An analog multiplier generally has two
signal input ports, which can be called
X and Y, and generates an output W
that is the linear product of the volt-
ages applied to these two ports. To
retain dimensional consistency, the
analog linear multiplication function
must invoke the use of a reference
voltage, which we can call U, thus
W=XY/U. In some cases, U is actually a
third input that can be used to imple-
ment analog division.

There are three functional categories of
multipliers: In single-quadrant multi-
pliers, X and Y must be unipolar; in
two-quadrant multipliers, one of the
inputs may be bipolar; in four-quadrant
multipliers, both X and Y may be
bipolar. Analog Devices produces a wide
range of “linear” multipliers, including
the AD534, AD538, AD539, AD633,
AD734, AD834 and AD835, providing
the highest available accuracy (+0.02%
for the AD734) to the highest speed
(more than 500MHz for the AD834).

Modulators (sometimes called balanced-
modulators, doubly-balanced modula-
tors or even on occasions high level
mixers) can be viewed as sign-changers.
The two inputs, X and Y, generate an
output W, which is simply one of these
inputs (say, Y) multiplied by just the
sign of the other (say, X), thatis W =
Ysign(X). Therefore, no reference volt-
age is required. A good modulator
exhibits very high linearity in its signal
path, with precisely equal gain for
positive and negative values of Y, and
precisely equal gain for positive and
negative values of X. Ideally, the ampli-
tude of the X input needed to fully
switch the output sign is very small,
that is, the X-input exhibits a compara-
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tor-like behavior. In some cases, where
this input may be a logic signal, a
simpler X-channel can be used. A
highly-linear mixer such as the AD831

is well-suited as a modulator.

A mixer is a modulator optimized for
frequency-translation. Its place in the
signal path is usually close to the
antenna, where both the wanted and
(often large) unwanted signals coexist
at its signal input, usually called the
RF port. Thus, the mixer must exhibit
excellent linearity in the sense that its
output (at the IF port) is expected to
increase by the same number of dB as a
test signal applied to the RF port, up to
as high as level as possible. This at-
tribute is defined both by the 1dB gain-
compression and the 3rd-order intercept
(later explained). The conversion pro-
cess is driven by an input applied to the
LO port.

Noise and matching characteristics are
crucial to achieving acceptable levels of
performance in a receiver’s mixer. It is
desirable to keep the LO power to a
minimum to minimize cross-talk be-
tween the three ports, but this often
conflicts with other requirements. The
gain from the RF port to its IF port at
specified RF and LO frequencies is
called the conversion gain and in classi-

cal diode-bridge mixers is less than
-4dB. Active mixers provide higher
conversion gain, and better port-port
isolation, but often at the expense of
noise and linearity. It is not usually
possibly (nor even desirable) to describe
mixer behavior using equations relating
the instantaneous values of inputs and
outputs; instead, we generally seek to
characterize mixers in terms of their
non-ideal cross-product terms at the
output. In this class, Analog Devices
has the AD831, and mixers are found
embedded in the AD607, AD608 and
other signal-processing ICs.

Thus far, we have seen that multipliers
are linear in their response to the
instantaneous value of both of their
input voltages; modulators are linear in
their response to one input, the other
merely flipping the sign of this signal at
regular intervals, with virtually zero
transition time, and beyond that having
ideally no other effect on the signal;
mixers are a sort of RF half-breed,
ideally being very linear on the RF
input, and “binary” in their switching
function in response to the LO input,
but in reality being nonideal in both
respects; they are optimized for very
low noise and minimal intermodulation
distortion.

Mixing Using an Ideal Analog Multiplier

Figure 3.38 shows a greatly simplified
RF mixer by assuming the use of an
analog multiplier.

Ideally, the multiplier has no noise, no
limit to the maximum signal amplitude,
and no intermodulation between the
various RF signals (that is, no spurious
nonlinearities). Figure 3.39 shows the
result of mixing (= multiplying) an RF

input of sinwrpt with (= by) a LO input
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of sinwy ot, where wpp = 2nx11MHz
and 0o = 2nx10MHz.

Clearly, to better understand mixer
behavior, we will need to consider not
only the time-domain waveforms, as
shown here, but also the spectrum of
the IF output. Figure 3.40 shows the
output spectrum corresponding to the
above IF waveform.
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"MIXING" USING AN ANALOG MULTIPLIER

RFINPUT, |
VX IF OUTPUT
LO lNPUT: Vy *Vy
Vy
ANALOG MULTIPLIER, e.g., AD834
Figure 3.38

INPUTS AND OUTPUT FOR MULTIPLYING MIXER
FOR frr = 11MHz, fLo = 10MHz
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Figure 3.39
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OUTPUT SPECTRUM FOR MULTIPLYING MIXER
FOR frg = 11MHz, fi g = 10MHz
A

fLO = 10MHz
0.8 7
LINEAR fRp = 11MHz
AMPLITUD%.G - LO AND RF FULLY SUPPRESSED
A 0.5 0.5
0.4 — DIFFERENCE SUMAT
AT 1MHz 21MHz
— < NO HARMONICS
0.2 — / \
0 | 5 i | | |
0 10 20 30 40 50 60
FREQUENCY (MHz)
Figure 3.40

There is no mystery so far. The math-
ematics are simple. Neglecting scaling
issues (real signals are voltages; thus a

singpt sinwp ot =

The multiplier has thus transformed
the RF input into two, equal-amplitude
cosinusoidal components at its output
(the IF port), one at the sum frequency,
WRF + W0, and the other at the differ-
ence frequency, gy - OL0-

Y, { cos(wpp + o)t + cos(Wgp - Opolt }

practical multiplier needs an embedded
voltage reference, ignored here) the
relationship is:

Eq. 1

In practice, an analog multiplier would
be a poor choice for a mixer because the
two linear inputs bring with them a
serious noise penalty.
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Image Response
A receiver using even this mathemati- that the only component of the RF
cally perfect mixer suffers a basic prob- spectrum that finds its way through the
lem, that of image response. Consider mixer “sieve” to the narrow IF pass-

the use of a low-side downconverter. The  band is the wanted component at wgp.
wanted output is found at the frequency =~ But we could have just as easily written

W1F = ORF — Or,0. So we might suppose (1) as

sin®gpt sinw ot = 15 { cos(wgp + W)t + cos(wy,o - Wrpt ) Eq. 1a
because the cosine function is symmet- Consider the above example, where f1 o
ric about t = 0. So there is another = 10MHz and fjp = 1MHz; the wanted
spectral component at the RF input response is at the IF frequency, fip =
that falls in the IF passband, namely 1MHz for frp = 11MHz. However, the
the one for which @pp = @y,q - Oy, in mixer produces the same IF in response
this case, the image frequency. to the image frequency, fiyagg = 9IMHz

(see Figure 3.41).

IMAGE RESPONSE

SIGNAL AT THE
IMAGE FREQUENCY fiMAGE
ALSO PRODUCES A ,
RESPONSE AT THE

IF FREQUENCY

/ \ E fLo

< f|F —>1e— f|F —>

fiF fRF

|

|

|
(( I
0 1 % 9 10 11
FREQUENCY (MHz)

Figure 3.41
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The most practical solution to this
dilemma is to carefully choose the IF
frequency to minimize the likelihood of
image sensitivity and also include an
image-reject filter at the RF input, just
ahead of the mixer. Another approach
is to use a special type of mixer circuit
that does not respond to the image
frequency. This approach requires

The Ideal Mixer

Ideally, to meet the low-noise, high-
linearity objectives of a mixer we need
some circuit that implements a polar-
ity-switching function in response to
the LO input. Thus, the mixer can be
reduced to Figure 3.42, which shows
the RF signal being split into in-phase

circuitry which is considerably more
complex, and for this reason has gener-
ally been unpopular, but it is becoming
more practical in a modern IC imple-
mentation. It has the further disadvan-
tage of higher power consumption, since
two mixer cells operating in quadrature
are required.

(0°) and anti-phase (180°) components;
a changeover switch, driven by the local
oscillator (LO) signal, alternately
selects the in-phase and antiphase
signals. Thus reduced to essentials, the
ideal mixer can be modeled as a sign-
switcher.

AN IDEAL SWITCHING MIXER

+1
|
RF INPUT | AN IF OUTPUT
|
|
1 !
SWITCH, fLo
Figure 3.42

3-40



k.|
RF/IF SUBSYSTEMS

In a perfect embodiment, this mixer just a single input at 11MHz with an
would have no noise (the switch would LO of 10MHz.

have zero resistance), no limit to the

maximum signal amplitude, and would The wanted IF at the difference fre-

develop no intermodulation between quency of 1MHz is still visible in this
the various RF signals. Although waveform, and the 21MHz sum is also
simple in concept, the waveform at the apparent. But the spectrum of this
intermediate frequency (IF) output can waveform is clearly more complex than
be very complex for even a small num- that obtained using the analog multi-
ber of signals in the input spectrum. plier. How are we to analyze this?

Figure 3.43 shows the result of mixing

INPUTS AND OUTPUT FOR IDEAL SWITCHING MIXER
FOR frr = 11MHz, fLo = 10MHz

W I PR AR 3
VLA LA A At AN
RF FUTRCE YRR AVAURVAVAVAVIVARIVAVAIATY
YTy [T
‘“r*"""""r——r—-“—r"r'——‘
LO Horizontal:
i 1T 200ns/div.
U6 [ 0 ) B N W W O O SRERERNEEREEE I I i I
I I I
IF | I l I
TR WAL
Ul Il
’Figure3.43

We still have a product, but now it is that of a sinusoid (the RF input) at wgyp and a
variable that can only have the values +1 or -1, that is, a unit square wave at ®g.
The latter can be expressed as a Fourier series

Sro= ¥n{ sinwpgt - Vg sin8wp ot + Y5 sinbwpot - ....} Eq. 2

Thus, the output of the switching mixer is its RF input, which we can simplify as

sinwgpt, multiplied by the above expansion for the square wave, producing
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SIF = 4n { sinmRFt Sin(DLot - 1/3 sinmRFt sin30)L0t
+ 1/ sinSwgpt sinbwyot - ....}) Eq. 3

Now expanding each of the products, we obtain

SIF = 2/xt{ sin(coRF + COLO)t + Sln(O)RF - COLo)t
- 1/3 sin(coRF + 30)L0)t - 1/3 sin(mRF - 30)L0)t

+ 1/5 sin(O)RF + 5(.0L0)t + 1/5 Sin((l)RF -5 OJLo)t -} Eq. 4
or simply
Sir = 2w { sin(Qpyp + Ot + sin(Wgy - W0t + harmonics } Eq. 5
The most important of these harmonic response to O - Wrp as the linear
components are sketched in Figure 3.44 multiplying mixer. The image response
for the particular case used to generate is somewhat subtle, as it does not
the waveform shown in Figure 3.43, immediately show up in the output
that is, fyp = 11MHz and f; o = 10MHz. spectrum: it is a latent response, await-
Because of the 2/nt term, a mixer has a ing the occurrence of the “wrong” fre-
minimum 3.92 dB insertion loss (and quency in the input spectrum.

noise figure) in the absence of any gain.

Note that the ideal (switching) mixer
has exactly the same problem of image

OUTPUT SPECTRUM FOR SWITCHING MIXER
FOR fRg = 11MHz AND f| o = 10MHz

0.8
LINEAR
AMPLITUDE
0.637 = -3.9dB
0.6-] 0637 0.637 0.212 = -13.5dB
' 0.127 = -17.9dB
0.090 = -20.9dB
WANTED IF
AT 1MHz SUM AT
0.4 _— L/’n MHz
0.2 0.212 0.212
0.127 0.127
T 0.09 T T
0 } f ; f } -
0 10 20 30 40 50 60
FREQUENCY (MHz)
Figure 3.44
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Diode-Ring Mixer

For many years, the most common
mixer topology for high-performance
applications has been the diode-ring
mixer, one form of which is shown in
Figure 3.45. The diodes, which may be
silicon junction, silicon Schottky-barrier
or gallium-arsenide types, provide the
essential switching action. We do not
need to analyze this circuit in great
detail, but note in passing that the LO
drive needs to be quite high — often a
substantial fraction of one watt — in
order to ensure that the diode conduc-
tion is strong enough to achieve low
noise and to allow large signals to be
converted without excessive spurious
nonlinearity.

Because of the highly nonlinear nature
of the diodes, the impedances at the

RF/IF SUBSYSTEMS

three ports are poorly controlled, mak-
ing matching difficult. Furthermore,
there is considerable coupling between
the three ports; this, and the high
power needed at the LO port, make it
very likely that there will be some
component of the (highly-distorted) LO
signal coupled back toward the an-
tenna. Finally, it will be apparent that
a passive mixer such as this cannot
provide conversion gain; in the ideal-
ized scenario, there will be a conversion
loss of 2/n [as Eq. 4 shows], or 3.92dB.
A practical mixer will have higher
losses, due to the resistances of the
diodes and the losses in the transform-
ers.

DIODE-RING MIXER

LO

RF

IN

IF
ouT

Figure 3.45
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Users of this type of mixer are accus-
tomed to judging the signal handling
capabilities by a “Level” rating. Thus, a
Level-17 mixer needs +17dBm (50mW)
of LO drive and can handle an RF input
as high as +10dBm (x1V). A typical
mixer in this class would be the Mini-
Circuits LRMS-1H, covering 2-500MHz,
having a nominal insertion loss of
6.25dB (8.5dB max), a worst-case LO-

FET Mixers

A modern alternative to the diode-ring
mixer is one in which the diodes are
replaced by FETs. The idea here is to
reduce the distortion caused by the
inherent nonlinearities of junction
diodes, whose incremental resistance
varies with the instantaneous signal
current. To reduce this effect, the
diodes are often driven to very high
current levels. Indeed, some users of
diode-ring mixers push them to ex-
tremes, operating at current levels close
to those which will cause the diodes to
fail by over-dissipation. Thus, in com-
menting about a certain minor varia-
tion to the diode-ring-mixer, we read:

“This helps the mixer to accept higher
LO power without burning out the
diodes!”

(From Wes Hayward, Solid State
Design for the Radio Amateur, ARRL,
1986, Chapter 6, p.120)

To avoid “burning out the diodes”, some
mixers use two or four J-FETs in an
analogous way to that shown in Figure
3.45. The idea is that the channel
resistance of a large FET driven into its
triode region of conduction can be as
low as the dynamic resistance of a
diode, thus achieving similar conversion
gain and noise levels. But this low
resistance arises without any current
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RF isolation of 20dB and a worst-case
LO-IF isolation of 22dB (these figures
for an LO frequency of 250-500MHz).
The price of this component is approxi-
mately $10.00 in small quantities. Even
the most expensive diode-ring mixers
have similar drive power requirements,
high losses and high coupling from the
LO port.

flow in the channel and it is also more
linear than that of the diodes when
signal current does flow, thus resulting
in lower intermodulation, and hence a
larger overall dynamic range. MOS-
FETs can also be used in a similar way.

This style of FET-based mixers is very
attractive for many high-performance
applications. However, since the active
devices are still used only as switches,
they do not provide power gain, and
have typical insertion losses of 6 to 8dB.
Furthermore, the balance of these
mixers is still critically dependent on
such things as transistor matching and
transformer winding accuracy, large
LO drives (volts) are needed, and the
overall matching requirements continue
to be difficult to achieve over the full
frequency range. Finally, of course,
they are not directly amenable to
monolithic integration.

Another popular circuit, widely used in
many inexpensive receivers, is the dual-
gate MOS-FET mixer. In this type of
mixer, the RF signal is applied to one
gate of the FET and the LO signal to
the second gate. The multiplication
process is not very well-defined, but in
general terms relies on the fact that
both the first and second gates influ-

ence the current in the channel. The

TidiUT VadT LA LA Taav add vaaiU wad A LA

structure can be modeled as two FETs,



where the drain of the lower FET
(having the RF input applied to it) is
intimately connected to the source of
the upper FET (having the LO input on
its gate). The lower FET operates in its
triode region, and thus exhibits a gm
that is a function of its drain voltage,

Classic Active Mixer

The diode-ring mixer not only has
certain performance limitations, but it
is also not amenable to fabrication
using integrated circuit technologies, at
least in the form shown in Figure 3.45.
In the mid ’sixties it was realized that
the four diodes could be replaced by
four transistors to perform essentially
the same switching function. This
formed the basis of the now-classical
bipolar circuit shown in Figure 3.46,

RF/IF SUBSYSTEMS

controlled by the LO. Though not
readily modeled to great accuracy, this
mixer, like many others, can be prag-
matically optimized to achieve useful
performance, though not without the
support of many associated passive
components for biasing and matching.

which is a minimal configuration for

the fully-balanced version. Millions of

such mixers have been made, including

variants in CMOS and GaAs. We will

limit our discussion to the BJT form, an

example of which is the Motorola

MC1496, which, although quite rudi-

mentary in structure, has been a main-
stay in semi-discrete receiver designs

for about 25 years.

CLASSIC ACTIVE MIXER

IF OUTPUT

Q3 Q4 Q5 Q6
LO
INPUT
O

RF

Q2

INPUT

leg

Figure 3.46
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The active mixer is attractive for the
following reasons:

e It can be monolithically integrated
with other signal processing circuitry.

e It can provide conversion gain,
whereas a diode-ring mixer always has
an insertion loss. (Note: Active mixers
may have gain. The analog Devices’
ADB831 active mixer, for example,
amplifies the result in Eq. 5 by /2 to
provide unity gain from RF to IF.)

¢ It requires much less power to drive
the LO port.

Basic Operation of the Active Mixer

Unlike the diode-ring mixer, which
performs the polarity-reversing switch-
ing function in the voltage domain, the
active mixer performs the switching
function in the current domain. Thus
the active mixer core (transistors Q3
through Q6 in Figure 3.46) must be
driven by current-mode signals. The
voltage-to-current converter formed by
Q1 and Q2 receives the voltage-mode
RF signal at their base terminals and
transforms it into a differential pair of
currents at the their collectors.

A second point of difference between
the active mixer and diode ring mixer,
therefore, is that the active mixer
responds only to magnitude of the input
voltage, not to the input power; that is,
the active mixer is not matched to the
source. (The concept of matching is that
both the current and the voltage at
some port are used by the circuitry
which forms that port). By altering the
bias current, Igg, the transconductance
of the input pair Q1-Q2 can be set over
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e It provides excellent isolation between
the signal ports.

o Is far less sensitive to load-matching,
requiring neither diplexer nor broad-
band termination.

Using appropriate design techniques it
can provide trade-offs between third-
order intercept (301 or IP3) and the
1dB gain-compression point (P14p), on
the one hand, and total power consump-
tion (Pp) on the other. (That is, includ-
ing the LO power, which in a passive
mixer is “hidden” in the drive circuitry.)

a wide range. Using this capability, an
active mixer can provide variable gain.

A third point of difference is that the
output (at the collectors of Q3-Q6) is in
the form of a current, and can be con-
verted back to a voltage at some other
impedance level to that used at the
input, hence, can provide further gain.
By combining both output currents
(typically, using a transformer) this
voltage gain can be doubled. Finally, it
will be apparent that the isolation
between the various ports, in particu-
lar, from the LO port to the RF port, is
inherently much lower than can be
achieved in the diode ring mixer, due to
the reversed-biased junctions that exist
between the ports.

Briefly stated, though, the operation is
as follows. In the absence of any voltage
difference between the bases of Q1 and
Q2, the collector currents of these two
transistors are essentially equal. Thus,
a voltage applied to the LO input



results in no change of output current.
Should a small DC offset voltage be
present at the RF input (due typically
to mismatch in the emitter areas of Q1
and Q2), this will only result in a small
feedthrough of the LO signal to the IF
output, which will be blocked by the
first IF filter.

Conversely, if an RF signal is applied to
the RF port, but no voltage difference is
applied to the LO input, the output
currents will again be balanced. A
small offset voltage (due now to emitter
mismatches in Q3-Q6) may cause some
RF signal feedthrough to the IF output;
as before, this will be rejected by the IF
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filters. It is only when a signal is ap-
plied to both the RF and LO ports that
a signal appears at the output; hence,
the term doubly-balanced mixer.

Active mixers can realize their gain in
one other way: the matching networks
used to transform a 502 source to the
(usually) high input impedance of the
mixer provides an impedance transfor-
mation and thus voltage gain due to the
impedance step up. Thus, an active
mixer that has loss when the input is
terminated in a broadband 502 termi-
nation can have “gain” when an input
matching network is used.

The ADS831, 500MHz, Low Distortion Active Mixer

The AD831 is a low distortion, wide
dynamic range, monolithic mixer for
use in such applications as RF to IF
down conversion in HF and VHF receiv-
ers, the second mixer in digital mobile
radio base stations, direct-to-baseband
conversion, quadrature modulation and
demodulation, and doppler-frequency
shift detection in ultrasound imaging
applications. The mixer includes a local
oscillator driver and a low-noise output
amplifier. The AD831 provides a

+24dBm third-order intercept point for
~10dBm local oscillator power, thus
improving system performance and
reducing system cost, compared to
passive mixers, by eliminating the need
for a high power local oscillator driver
and its associated shielding and isola-
tion problems. A simplified block dia-
gram of the AD831 is shown in Figure
3.47, and key specifications in Figure
3.48.
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AD831 500MHz LOW DISTORTION ACTIVE MIXER

+5V

1
RF
INPUT

~ AD831
Top View 0.1uF

LO INPUT
~10 dBm

Figure 3.47

AD831 ACTIVE MIXER KEY SPECIFICATIONS

N Doubly-Balanced Mixer, 10dB Noise Figure

M Low Distortion (IF = 10.7MHz, RF to 200MHz):
¢ +24dBm Third Order Intercept
¢ +10dBm 1dB Compression Point

B Low LO Drive Required: ~10dBm

B Bandwidth:
¢ 500MHz RF and LO Input Bandwidths
& 250MHz Differential Current IF Output

¢ DC to > 200MHz Single-Ended Voltage IF Output

Figure 3.48



Noise Figure

Noise Figure (NF) is a figure of merit
used to determine how a device de-
grades the signal-to-noise ratio of its
input. Note: in RF systems, the imped-
ance is 50Q2 unless otherwise stated.
Mathematically, noise figure is defined
as:

RF/IF SUBSYSTEMS

The NF of the AD831 is 10dB with a
matched input, which is adequate for
applications in which there is gain in
front of the mixer.

Noise Figure is used in a “cascaded
noise figure calculation”, which gives
the overall noise figure of a receiver.
Basically, the noise figure of each stage

NF =20log10 Sp/NL is converted into a noise factor (F =
So/No”’ antilog NF/10) and plugged into a
spreadsheet containing the Friis Equa-
where Sy/Nj is the input signal-to-noise tion:
ratio, and SQ/N is the output signal-
to-noise ratio.
Typical noise figures for passive mixers 3
with post amplifiers are 12 to 15dB.
Fp-1 B-1 N Fg-1
FRECEIVER =F1 +—-—+& =—+ e
1 GiGe {7,
IT Gy
J=1

where F)y and Gy are the noise factor
and gain, respectively, of the Nth stage
in the receiver.

For a passive diode-ring mixer, the
noise figure is the same as the insertion
loss. For an active mixer, however,
noise is added to the signal by the
active devices in the signal path. The
difference between the noise figure of a
matched active mixer and an un-
matched active mixer can be several dB
due to the “voltage gain” of the imped-

ance-matching network, which acts as a
“noiseless” preamplifier (Figure 3.49).
In the case of the AD831, the noise
figure for the matched circuit is 10 dB
(at 70MHz) and the unmatched circuit
with its input terminated with a 50Q
resistor is 16dB.

The noise figure is 11.7dB at 220 MHz
using the external matching network
shown in Figure 3.49. The values
shown are for 220 MHz and provide 10
dB of voltage gain.

3-49



HicH SPEED DEsIGN TECHNIQUES

AD831 ACTIVE MIXER WITH 220MHz
EXTERNAL MATCHING NETWORK

AD831
c1 6
RF
INPUT o) ’ Q RFP
L1 L2 c2
7
*® o RFN

L1: 100nH, COILCRAFT 1008CS-101
L2: 56nH, COILCRAFT 1008CS-560
C1, C2: 2-10pF CERAMIC VARIABLE

Figure 3.49

Intermodulation Distortion

Even before the “mixing” process in the
core, the entire signal spectrum co-
exists within the RF input stage. This
part of the mixer is inevitably nonlin-
ear, to a greater or lesser extent, and,
with or without the LO input operative,
generates a very large number of
intermodulation products.

Thus, the key objectives in the design of
a high-performance active mixer are to
achieve a very linear RF input section,
followed by a near-ideal polarity-
switching stage, followed by a very
linear IF output amplifier (if used) prior
to the first filter.

1dB Compression Point and Third-
Order Intercept Point

For a single-sinusoid input to a system,

a point will be reached as the input
amplitude is increased at which the
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apparent gain becomes 1dB lower than
that observed at lower input ampli-
tudes. This is called the 1dB gain
compression level, which we'll abbrevi-
ate P1dB, and is usually quoted in
dBm, or decibels above 1mW, that is, it
is expressed as a power measurement.
When using an active mixer with an
input matching network, the gain of the
input matching network must be taken
into account when defining the system
in terms of an active mixer’s 1dB com-
pression point, since the impedance
transformation of the network increases
the input voltage to mixer.

Another metric used in characterizing
mixers is the third-order intercept,
known as P3g; or IP3. If two tones of
frequency f] and fo (representing two
adjacent channels in a communications
system, for example) are applied to a
non-linear system, there will be a large



number of intermodulation products
generated. The third-order distortion
products which fall at 2fy-f1 and 2f1-fo
are particularly troublesome, because
they are close to the original frequen-
cies (see Figure 3.50). If the two tones
represent true signals, then the third-
order IMD products can interfere with
signals in the adjacent channels.

Rather than measuring the third-order
distortion products for a variety of
signal amplitudes, the concept of third-

RF/IF SUBSYSTEMS

order intercept can be used to extract
the IMD information and is often used
as a figure of merit for mixers and
amplifiers in RF applications.

A plot (Figure 3.51) of the power levels
at the output of the system for the
fundamental of the output frequency
and for its third harmonic, plotted
versus the input power, will generally
yield a pair of straight lines which
eventually intersect (at the 3rd order
intercept point, IP3).

THIRD-ORDER INTERMODULATION DISTORTION

2f1 -1

2f2 - f1

Y

FREQUENCY

Figure 3.50
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THIRD-ORDER INTERCEPT USING DATA FOR AD831

3RD ORDER INTERCEPT POINT s
e B A
Ve
1dB COMPRESSION POINT | 7/
o =T RERER Y h/
A e e
IF = 10.7 MHz
LINEAR RF = 100 MHz
OUTPUT —
POWER OUTPUT
(dBm)

<— 3RD ORDER IMD

AT 2f4 - f AND 2f, - f4

INPUT POWER (dBm)

Figure 3.51

The problem with this metric is that it
has meaning only for certain simple
cases. In particular, the 8rd harmonic is
assumed to increase at three times the
rate of the fundamental. The appeal of
P lies in the fact that it is easily
measured, or at least, it is easy to
obtain measurements. (The measure-
ments are not hard to make, but it will
be found that the apparent Py is
signal-dependent). Apply a low level
signal, at some known level P (in
dBm, see Figure 3.51), measure the
output power at the fundamental, P,
(in relative terms, dBc) and at the third
harmonic, Py (also in dBc) and from
simple geometry calculate
Pgor= Po+ Y5 (P;-Py)  Eq.6

The non-linearity in some classical
circuits, such as the diode-ring mixer,
approximates a cubic function, and the
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above relationship holds, but in prac-
tice, the P3g; can be quite misleading,
for several reasons. First, other circuits
may not, in general, exhibit this type of
non-linearity. This type of behavior
could easily lead to apparent third-
order intercept values which were
impressively high (theoretically infinite,
if measured using signals of less than
the critical amplitude).

A spur chart is a compilation of the nf;
t mf, products that result from the
mixing process. The spur chart is useful
because it allows an engineer develop-
ing a frequency plan for a radio to
identify possible problems due to spuri-
ous signals created in the mixer. How-
ever, the spur chart is also tedious to
create; for n = m = 7, a chart requires
112 measurements.



The compilation of results is the spur
chart (also called a “mixer table”).

Mixer Summary

Mixers are a special kind of analog
multiplier optimized for use in fre-
quency translation, having one linear
input (that associated with the RF
signal) and a second (that associated
with the LO input) which alternates the
phase of the first input by 0/180°. In
integrating complete receivers in mono-
lithic form, certain basic circuit forms
have proven useful. So far, we have
considered a classic form, a six-transis-
tor circuit exemplified by the AD831.
Compared to a diode-ring mixer, this
circuit has several advantages, includ-
ing much better isolation between
ports, the ability to provide conversion
gain (which may also be variable), the
need for much lower LO drive levels,
and the elimination of special matching
networks.

Often cited as a disadvantage of the
active mixer is its poorer dynamic
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Details of making the spur chart mea-
surements and results are given in the
ADS831 data sheet (see Reference 17).

range: we have just begun to examine
what defines this, beginning with a
consideration of the linearity of the RF
port, traditionally characterized by the
1dB gain-compression input power,
Py4p, and the third-order intercept,
P30;1. The second of these measures was
shown to be meaningful only if the
nonlinearity is essentially cubic in form,
which may not always be true. In
passing, we pointed out that while
inputs and outputs are invariably
characterized in terms of a power level
of so-many-dBm, active mixers respond
to instantaneous signal voltages at
their inputs, which are usually not
matched to their source, which can be
confusing at times.

Now that we have examined each of the
fundamental receiver building blocks,
we are ready to look at receiver sub-
systems.
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RECEIVER SUBSYSTEMS
Bob Clarke, Walt Kester

In order to design a communications
receiver, a clear understanding of the
modulation technique is essential.
There are many types of modulation,
ranging from simple amplitude modula-
tion (AM), phase modulation (PM), and
frequency modulation (FM) to multi-
level quadrature-amplitude-modulation
(QAM) where both amplitude and
phase are modulated. Most modern
modulation schemes make use of both
signal amplitude and phase informa-
tion. A complex signal can thus be
represented in two ways as shown in
the diagrams in Figure 3.52. The left-
hand diagram represents the signal in
rectangular coordinates as an inphase
(I) and quadrature (Q) signal of the
form:

S(t) = I(t) + jQ(t).
The right hand diagram represents the

same signal expressed in polar coordi-
nates:

S(t) = At)ePM),

The conversions between the two
coordinate systems are:

St) = A)ePM) = 1(t) + jQ(t), where

A® = JI)2 + Q)2 »

t
@(t) = arctan [%t))]

RECTANGULAR AND POLAR REPRESENTATIONS OF
AMPLITUDE AND PHASE MODULATED SIGNAL

C}(t) Q(t)
/ h
S(t) = I(t) + jQ(t) S(t) = A(t)e J¢( )
A(t)/
"\¢(t)
I(t) k “I(t)

RECTANGULAR

POLAR

Figure 3.52
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Note that the signals are identical, only
their representation is different.

In the case of the I/Q (rectangular)
representation, a linear IF strip is
required. Variable gain is required
because of the wide dynamic range, and
amplitude and phase information must
be preserved. This type of IF strip often
incorporates an I/Q demodulator whose
outputs drive baseband ADCs followed
by a DSP. Linear IF amplifiers are used
in these systems.

For the case of the polar representation,
the signal amplitude is derived from the
RSSI (log) output of a log/limiting
amplifier and the phase information
from the limited output. This type of IF
strip operates at a high fixed gain,
retains the phase information in the
limited output, and often incorporates a
phase demodulator.

In order to handle these two fundamen-
tal representations of modulation, ADI
has developed two IF subsystems, the
AD607 and the AD608. These are used
in such applications as PHS, PCN,
DECT, CT2, and GSM where the modu-
lation mode is some form of phase-shift
keying (PSK).

The choice of demodulation technique
depends on the receiver architecture.

RF/IF SUBSYSTEMS

The standard architecture in GSM and
PHS uses a rectangular representation
of the signal, that is S(t) = I(t) + jQ(t)
and requires a linear IF amplifier stage
such as that in the AD607. In this
architecture, a baseband converter
consisting of two signal inputs; each
with individual low-pass filters, digi-
tizes the I(t) and Q(t) outputs of the IF
IC’s quadrature demodulator. Further
demodulation is performed digitally
using a DSP. An equalizer in the DSP
then determines the correct manual
gain control (MGC) voltage (or digital
signal) to change the IF gain to center
the signal in the dynamic range of the
baseband ADCs. The equalizer calcu-
lates the RSSI value as part of this
process (see Figure 3.53).

A detailed block diagram of the AD607
Mixer/AGC/RSSI 3V receiver IF sub-
system is shown in Figure 3.54. The RF
input frequency can be as high as
500MHz, and the IF frequency from
400kHz to 12MHz. It consists of a
mixer, linear IF amplifiers, I and Q
demodulators, a phase-locked quadra-
ture oscillator, AGC detector, and a
biasing system with external power-
down. Total power on +3V is 25mW.
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RECEIVER BASED ON AD607 SUBSYSTEM
USING INPHASE/QUADRATURE MODULATION

N

900MHz

LO2 10.7MHz

I\ LPF

I\
l'- ——_——— = - = - - -1T - - - = - - ="
| L
LO1 | : o——®— LPF I
|
| 90dB RANGE 0° BASEBAND
|
L |

I
I
I
I
I ADCs AND
I
- I
L
I

Figure 3.53

AD607 FUNCTIONAL BLOCK DIAGRAM

BPF OR
LPF

b3 b3
\ _L 1\ AV
e =
GENERATOR DETECTOR

vPst

BlAS PTAT
vPs2 GENERATOR VOLTAGE
PRUP

COM1 COM2

Figure 3.54



The AD607’s low noise, high intercept
mixer is a doubly-balanced Gilbert cell
type. It has a nominal —15dBm input-
referred 1dB compression point and a -
8dBm input-referred third-order
intercept. The mixer section also in-
cludes a local oscillator preamplifier,
which lowers the required external LO
drive to —16dBm.

The variable-gain mixer and the linear
four-stage IF amplifier strip together
provide a voltage controlled gain range
of more than 90dB. The I and Q de-
modulators, each consisting of a multi-
plier followed by a 2-pole, 2MHz

AD607 MIXER / AGC / RSSI 3V RECEIVER KEY FEATURES

RF/IF SUBSYSTEMS

low-pass filter, are driven by a phase-
locked loop providing inphase and
quadrature clocks. An internal AGC
detector is included, and the tempera-
ture stable gain control system provides
an accurate RSSI capability.

The I and Q demodulators provide
inphase and quadrature baseband
outputs to interface with Analog De-
vices’ AD7013 (IS54/IS136, TETRA,
MSAT) and AD7015 (GSM) baseband
converters.

Key specifications for the AD607 are
summarized in Figure 3.55.

B Mixer:
¢ —-15dBm Input 1dB Compression Point
¢ -8dBm Input Third Order Intercept Point
4 RF/LO Inputs to 500MHz
4 12dB Noise Figure, Matched Input
¢ -16dBm LO Drive

B Linear IF Amplifier:

4 45MHz Bandwidth

4 Linear-in-dB Gain Control Over 90dB Gain Range
¢ -15dBm Input 1dB Compression Point

4 +18dBm Output Third Order Intercept Point

B In-Phase and Quadrature Demodulators:

2
*

1.5MHz Output Bandwidth
Compatible with Baseband Converters (AD7013, AD7015)

B 25mW Total Power @ Single +3V Supply

For cases where the signal is repre-
sented in polar form, the AD608 is the
proper choice. The AD608 Mixer/Lim-
iter/RSSI 3V Receiver IF Subsystem

Figure 3.55

put (amplitude information). This
architecture is useful in polar demodu-
lation applications as shown in Figure
3.56.

consists of a mixer followed by a loga-

rithmic amplifier; the logarithmic
amplifier has both limited output
(phase information) and an RSSI out-

A block diagram of the AD608 is shown
in Figure 3.57, and key specifications in
Figure 3.58.
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RECEIVER BASED ON AD608 SUBSYSTEM
USING POLAR DEMODULATION

; 10.7MH
900MHz LO2 ).TMHz

I\

™\

1 ~ | '

|

' P RSSI

— DETECTORS LPF
LO1: B
DEMOD

| ¥’ 80dB RANGE AND

| DSP
N\

LIMITING
—H >‘<§§)" >_ AMPLIFIERS PHASE

\V4

Figure 3.56

AD608 FUNCTIONAL BLOCK DIAGRAM

I‘————- 24dB MIXER GAIN —Pt‘— 3dB NOMINAL —Pl‘——-——— 100dB LIMITER GAIN ——'——Ft
INSERTION LOSS 80dB RSSI

IF INPUT
+6mA MAX OUTPUT 7 FULL-WAVE
(£890mV INTO 1650) ~76dBm TO L RECTIFIER CELLS

RSSI QUTPUT
20mV/dB
0.2VTO 1.8V

rFHI (5 L % 4 )
RF INPUT
-85 TO (14) s27vTO 5.5V
-15dBm!
5-STAGE IF AMPLIFIER LIMITER
rrLo (6 (16dB PER STAGE) SUIPUT
400mVp-p
LOHI
AD608
VPS1 COM1
+27VT0 LOINPUT  CMOS LOGIC NOTES: 1-15dBm = +56mV MAX FOR LINEAR OPERATION
5.5V ~16dBm INPUT 2 39.76uV RMS TO 397.6mV RMS FOR :1dB RSS!
ACCURACY

Figure 3.57
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AD608 MIXER / LIMITER / RSSI 3V RECEIVER KEY FEATURES

B Mixer: ‘

¢ -15dBm Input 1dB Compression Point
¢ -5dBm Input Third Order Intercept Point

4 RF/LO Inputs to 500MHz

4 12dB Noise Figure, Matched Input

¢ -16dBm LO Drive

B Logarithmic Amplifier / Limiter:

¢ 100dB Limiter Gain, 90dB RSSI

¢ +1dB Log Linearity

¢ 13° Phase Variation, -75dBm to +5dBm IF @ 10.7MHz

H 21mW Total Power @ Single +3V Supply

Figure 3.58

The log amp both measures the level of
the signal (like the AD641 and AD606)
and limits the signal. The RSSI or
Received Signal Strength Indicator
output is proportional to the log of the
input signal. As a limiting amplifier,
the AD608 removes any amplitude
changes in the signal and keeps only
the phase or frequency changes. These
phase or frequency changes are propor-
tional to the modulating signal and
contain the intelligence in the signal.
The AD608’s limiting amplifier is a 5-
stage log amp with more than 80dB of
dynamic range.

In a typical mobile phone application,
the RF signal (typically 900MHz or
1800MHz) is mixed down to the first IF
(typically 240MHz), is filtered, and
enters the AD608, where it is mixed
down to a second IF at 10.7MHz, where
it is amplified, limited, and measured.
The limited output is demodulated by

an external frequency or phase de-
modulator. The RSSI output is digitized
by an ADC and used for active power
control in the phone system.

As a practical note, the cutoff frequency
of the log amp’s internal low pass filter
depends on what range of frequencies
the log amp was designed for. In analog
cellular systems, where the modulation
mode is narrow-band FM, the IF is
typically 450kHz. The low pass filters
in the IF ICs designed for these stan-
dards have a fairly low cutoff fre-
quency, and the filter’s voltage output
response provides a “slow” RSSI. In
GSM (Global System for Mobile Com-
munications) and PHS (Personal Handy
System) applications, the IF is typically
10.7MHz or higher, and the filter’s
voltage output response provides a
“fast” RSSI. The cutoff frequency of the
low pass filter in the AD608 is 2MHz.
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HicH SPEED SAMPLING AND HicH SPEED ADCs

SECTION 4

HIGH SPEED SAMPLING AND
HIGH SPEED ADCs, Walt Kester

INTRODUCTION

High speed ADCs are used in a wide
variety of real-time DSP signal-process-
ing applications, replacing systems that
used analog techniques alone. The
major reason for using digital signal
processing are (1) the cost of DSP
processors has gone down, (2) their
speed and computational power has
increased, and (3) they are
reprogrammable, thereby allowing for
system performance upgrades without
hardware changes. DSP offers solutions
that cannot be achieved in the analog
domain, i.e. V.32 and V.34 modems.

However, in order for digital signal
processing techniques to be effective in
solving an analog signal processing
problem, appropriate cost effective high
speed ADCs must be available. The
ADCs must be tested and specified in
such a way that the design engineer
can relate the ADC performance to
specific system requirements, which
can be more demanding than if they
were used in purely analog signal
processing systems. In most high speed
signal processing applications, AC
performance and wide dynamic range
are much more important than tradi-
tional DC performance. This requires
that the ADC manufacturer not only
design the right ADCs but specify them
as completely as possible to cover a
wide variety of applications.

Another important aspect of integrating
ADCs into a high speed system is a
complete understanding of the sam-
pling process and the distortion mecha-

nisms which ultimately limit system
performance. High speed sampling
ADCs first were used in instrumenta-
tion and signal processing applications,
where much emphasis was placed on
time-domain performance. While this is
still important, applications of ADCs in
communications also require compre-
hensive frequency-domain specifica-
tions.

Modern IC processes also allow the
integration of more analog functionality
into the ADC, such as on-board refer-
ences, sample-and-hold amplifiers,
PGAs, etc. This makes them easier to
use in a system by minimizing the
amount of support circuitry required.

Another driving force in high speed
ADC development is the trend toward
lower power and lower supply voltages.
Most high speed sampling ADCs today
operate on either dual or single 5V
supplies, and there is increasing inter-
est in single-supply converters which
will operate on 3V or less for battery
powered applications. Lower supply
voltages tend to increase a circuit’s
sensitivity to power supply noise and
ground noise, especially mixed-signal
devices such as ADCs and DACs.

The trend toward lower cost and lower
power has led to the development of a
variety of high speed ADCs fabricated
on standard 0.6 micron CMOS pro-
cesses. Making a precision ADC on a
digital process (no thin film resistors
are available) is a real challenge to the
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IC circuit designer. ADCs which require necessary to understand and select
the maximum in performance still ADCs for high speed systems applica-
require a high speed complementary tions. Making intelligent tradeoffs in

bipolar process (such as Analog Devices’  the system design requires a thorough

XFCB) with thin film resistors.

The purpose of this section is to equip
the engineer with the proper tools

understanding of the fundamental
capabilities and limitations of state-of-
the-art high speed sampling ADCs.

HIGH SPEED SAMPLING ADCs

Process Technology:

Wide Acceptance in Signal Processing and Communications
Emphasis on Dynamic Performance
Trend to Low Power, Low Voltage, Single-Supply

More On-Chip Functionality: PGAs, SHA, Digital Filters, etc.

¢ Low Cost CMOS: Up to 12-bits @ 10MSPS

¢ High Speed Complementary Bipolar: Up to 12-bits @ 70MSPS

¢ Statistical Matching Techniques Rather than Thin Film

Laser Trimming

Figure 4.1

FUNDAMENTALS OF HIGH SPEED SAMPLING

The sampling process can be discussed
from either the frequency or time
domain or both. Frequency-domain
analysis is applicable to communica-
tions, so that’s what we will consider.

First consider the case of a single
frequency sinewave of frequency f;
sampled at a frequency fg by an ideal

impulse sampler (see top diagram in
Figure 4.2). Also assume that fg > 2f,
as shown. The frequency-domain out-
put of the sampler shows aliases or
images of the original signal around
every multiple of fg, i.e. at frequencies
equal to

I+ Kfg=f31,K=1,2,3,4,....
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Figure 4.2

The Nyquist bandwidth is defined to be
the frequency spectrum from DC to fy/2.
The frequency spectrum is divided into
an infinite number of Nyquist zones,
each having a width equal to 0.5f; as
shown. In practice, the ideal sampler is
replaced by an ADC followed by an FFT
processor. The FFT processor only
provides an output from DC to £5/2, i.e.,
the signals or aliases which appear in
the first Nyquist zone.

Now consider the case of a signal which
is outside the first Nyquist zone (Figure
4.2, bottom diagram) Notice that even
though the signal is outside the first
Nyquist zone, its image (or alias), fg—£,,

falls inside. Returning to Figure 4.2, top
diagram, it is clear that if an unwanted
signal appears at any of the image
frequencies of fy, it will also occur at f,
thereby producing a spurious frequency
component in the first Nyquist zone.
This is similar to the analog mixing
process and implies that some filtering
ahead of the sampler (or ADC) is re-
quired to remove frequency components
which are outside the Nyquist band-
width, but whose aliased components
fall inside it. The filter performance will
depend on how close the out-of-band
signal is to fy/2 and the amount of
attenuation required.

4-3
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BASEBAND ANTIALIASING FILTERS

Baseband sampling implies that the
signal to be sampled lies in the first
Nyquist zone. It is important to note
that with no input filtering at the input
of the ideal sampler, any frequency
component (either signal or noise) that
falls outside the Nyquist bandwidth in
any Nyquist zone will be aliased back
into the first Nyquist zone. For this
reason, an antialiasing filter is used in

almost all sampling ADC applications to

remove these unwanted signals.

Properly specifying the antialiasing
filter is important. The first step is to

know the characteristics of the signal
being sampled. Assume that the high-
est frequency of interest is f5. The
antialiasing filter passes signals from
DC to fy while attenuating signals
above f,.

Assume that the corner frequency of
the filter is chosen to be equal to f;.
The effect of the finite transition from
minimum to maximum attenuation on
system dynamic range is illustrated in
Figure 4.3.

EFFECTS OF ANTIALIASING FILTER
ON SYSTEM DYNAMIC RANGE

fs f

STOPBAND ATTENUATION = DR

FILTER
SPECIFICATIONS

TRANSITION BAND: fy TOfg -t

CORNER FREQUENCY: f,

Figure 4.3

Assume that the input signal has
fullscale components well above the
maximum frequency of interest, f;. The
diagram shows how fullscale frequency
components above {5 — f; are aliased

back into the bandwidth DC to f,.

4-4

These aliased components are indistin-
guishable from actual signals and
therefore limit the dynamic range to
the value on the diagram which is

shown as DR.
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Some texts recommend specifying the
antialiasing filter with respect to the
Nyquist frequency, fy/2, but this as-
sumes that the signal bandwidth of
interest extends from DC to fy/2 which
is rarely the case. In the example
shown in Figure 4.3, the aliased compo-
nents between f; and fy/2 are not of
interest and do not limit the dynamic
range.

The antialiasing filter transition band
is therefore determined by the corner
frequency fy, the stopband frequency fg
—f,, and the stopband attenuation, DR.
The required system dynamic range is
chosen based on our requirement for
signal fidelity.

Filters have to become more complex as
the transition band becomes sharper,
all other things being equal. For in-
stance, a Butterworth filter gives 6dB
attenuation per octave for each filter
pole. Achieving 60dB attenuation in a
transition region between 1MHz and
2MHz (1 octave) requires a minimum of
10 poles, not a trivial filter, and defi-
nitely a design challenge.

Therefore, other filter types are gener-
ally more suited to high speed applica-
tions where the requirement is for a
sharp transition band and in-band
flatness coupled with linear phase
response. Elliptic filters meet these
criteria and are a popular choice.

There are a number of companies which
specialize in supplying custom analog
filters. TTE is an example of such a
company (Reference 1). As an example,
the normalized response of the TTE,
Inc., LE1182 11-pole elliptic
antialiasing filter is shown in Figure
4.4. Notice that this filter is specified to
achieve at least 80dB attenuation
between f, and 1.2f,.. The corresponding
passband ripple, return loss, delay, and
phase response are also shown in
Figure 4.4. This custom filter is avail-
able in corner frequencies up to
100MHz and in a choice of PC board,
BNC, or SMA with compatible pack-
ages.

CHARACTERISTICS OF TTE, INC., LE1182-SERIES
11-POLE ELLIPTICAL FILTER
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From this discussion, we can see how
the sharpness of the antialiasing transi-
tion band can be traded off against the
ADC sampling frequency. Choosing a
higher sampling rate (oversampling)
reduces the requirement on transition
band sharpness (hence, the filter com-
plexity) at the expense of using a faster
ADC and processing data at a faster
rate. This is illustrated in Figure 4.5
which shows the effects of increasing
the sampling frequency while maintain-
ing the same analog corner frequency,
fy,and the same dynamic range, DR,
requirement.

The above design process is started by
choosing an initial sampling rate of 2 to
4 times f,. Determine the filter specifi-
cations based on the required dynamic
range and see if such a filter is realiz-
able within the constraints of the
system cost and performance. If not,

consider a higher sampling rate which
may require using a faster ADC.

The antialiasing filter requirements can
be relaxed somewhat if it is certain that
there will never be a fullscale signal at
the stopband frequency fg — f5. In many
applications, it is improbable that
fullscale signals will occur at this
frequency. If the maximum signal at
the frequency fg — f; will never exceed
XdB below fullscale. Then, the filter
stopband attenuation requirement is
reduced by that same amount. The new
requirement for stopband attenuation
at fg — f; based on this knowledge of the
signal is now only DR — XdB. When
making this type of assumption, be
careful to treat any noise signals which
may occur above the maximum signal
frequency f; as unwanted signals which
will also alias back into the signal
bandwidth.

INCREASING SAMPLING FREQUENCY RELAXES
REQUIREMENT ON ANTIALIASING FILTER

O

-

fs - fa

LOWPASS FILTER SPECIFICATIONS:

STOPBAND ATTENUATION = DR
TRANSITION BAND: f, TO fg - 5
CORNER FREQUENCY: f,

Figure 4.5
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UNDERSAMPLING (HARMONIC SAMPLING, BANDPASS SAM-
PLING, IF SAMPLING, DIRECT IF TO DiGITAL CONVERSION)

Thus far we have considered the case of
baseband sampling, i.e., all the signals
of interest lie within the first Nyquist
zone. Figure 4.6A shows such a case,
where the band of sampled signals is
limited to the first Nyquist zone, and
images of the original band of frequen-
c¢ies appear in each of the other Nyquist
zones.

Consider the case shown in Figure
4.6B, where the sampled signal band

lies entirely within the second Nyquist

zone. The process of sampling a signal
outside the first Nyquist zone is often
referred to as undersampling, or har-
monic sampling. Note that the first
Nyquist zone image contains all the
information in the original signal, with

the exception of its original location
(the order of the frequency components
within the spectrum is reversed, but
this is easily corrected by re-ordering
the output of the FFT).

Figure 4.6C shows the sampled signal
restricted to the third Nyquist zone.
Note that the first Nyquist zone image
has no frequency reversal. In fact, the
sampled signal frequencies may lie in
any unique Nyquist zone, and the first
Nyquist zone image is still an accurate
representation (with the exception of
the frequency reversal which occurs
when the signals are located in even
Nyquist zones). At this point we can
clearly state the Nyquist criteria:

UNDERSAMPLING
A |ZONET
, (
0.5f fg 1.5f 2fg 2.5fg 3fs  3.5fs 5
ZONE 2
° //\I/\ %/—V\
N\ A
0.5f fs 1.5fg 2fg 2.5fg s 3. 5fs
|

0.5fg 1.5fg

2.5fs  3fg 3. 5fs

Figure 4.6
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A signal must be sampled at a rate
equal to or greater than twice its band-
width in order to preserve all the signal
information.

Notice that there is no mention of the
absolute location of the band of
sampled signals within the frequency
spectrum relative to the sampling
frequency. The only constraint is that
the band of sampled signals be re-
stricted to a single Nyquist zone, i.e.,
the signals must not overlap any mul-
tiple of f5/2 (this, in fact, is the primary
function of the antialiasing filter).

Sampling signals above the first
Nyquist zone has become popular in
communications because the process is

equivalent to analog demodulation. It is
becoming common practice to sample IF
signals directly and then use digital
techniques to process the signal,
thereby eliminating the need for the IF
demodulator. Clearly, however, as the
IF frequencies become higher, the
dynamic performance requirements on
the ADC become more critical. The
ADC input bandwidth and distortion
performance must be adequate at the
IF frequency, rather than only
baseband. This presents a problem for
most ADCs designed to process signals
in the first Nyquist zone, therefore an
ADC suitable for undersampling appli-
cations must maintain dynamic perfor-
mance into the higher order Nyquist
zones.

ANTIALIASING FILTERS IN UNDERSAMPLING APPLICATIONS

Figure 4.7 shows a signal in the second
Nyquist zone centered around a carrier
frequency, f,, whose lower and upper
frequencies are f] and fg. The
antialiasing filter is a bandpass filter.
The desired dynamic range is DR,
which defines the filter stopband at-
tenuation. The upper transition band is
fo to 2fy—fo, and the lower is f1 to f5—
f1. As in the case of baseband sampling,
the antialiasing filter requirements can
be relaxed by proportionally increasing
the sampling frequency, but f, must
also be increased so that it is always
centered in the second Nyquist zone.

Two key equations can be used to select
the sampling frequency, fg, given the
carrier frequency, f,, and the band-
width of its signal, Af, The first is the
Nyquist criteria:

fs > 2Af Eq. 1

The second equation ensures that f, is
placed in the center of a Nyquist zone:

7-8

¢ o _4fc
S " oNZ-1’

Eq.2

where NZ = 1, 2, 3, 4, .... and NZ corre-
sponds to the Nyquist zone in which the
carrier and its signal fall (see Figure
4.8).

NZ is normally chosen to be as large as
possible while still maintaining fg >
2Af. This results in the minimum
required sampling rate. If NZ is chosen
to be odd, then f, and it’s signal will fall
in an odd Nyquist zone, and the image
frequencies in the first Nyquist zone
will not be reversed. Tradeoffs can be
made between the sampling frequency
and the complexity of the antialiasing
filter by choosing smaller values of NZ
(hence a higher sampling frequency).

As an example, consider a 4MHz wide
signal centered around a carrier fre-
quency of 71MHz. The minimum re-
quired sampling frequency is therefore
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ANTIALIASING FILTER FOR UNDERSAMPLING

* t

STOPBAND ATTENUATION = DR

TRANSITION BAND: f2 TO 2fg - f2
fq TO fg - fq

CORNER FREQUENCIES: f4, fp

Figure 4.7 n

CENTERING AN UNDERSAMPLED SIGNAL

BANDPASS FILTER SPECIFICATIONS:
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8MSPS. Solving Eq. 2 for NZ using f, =
71MHz and fy = 8MSPS yields NZ =
18.25. However, NZ must be an integer,
so we round 18.25 to the next lowest
integer, 18. Solving Eq. 2 again for fg
yields fg = 8.1143MSPS. The final
values are therefore fg = 8.1143MSPS,
f. = 7T1MHz, and NZ = 18.

Now assume that we desire more
margin for the antialiasing filter, and
we select f5 to be 10MSPS. Solving Eq.

2 for NZ, using f, = 7TIMHz and fg =
10MSPS yields NZ = 14.7. We round
14.7 to the next lowest integer, giving
NZ = 14. Solving Eq. 2 again for fg
yields fg = 10.519MSPS. The final
values are therefore fg = 10.519MSPS,
f. = 71MHz, and NZ = 14.

The above iterative process can also be
carried out starting with fg and adjust-
ing the carrier frequency to yield an
integer number for NZ.

DI1STORTION AND NOISE IN AN IDEAL N-BiTr ADC

Thus far we have locked at the implica-
tions of the sampling process without
considering the effects of ADC quanti-
zation. We will now treat the ADC as
an ideal sampler, but include the effects
of quantization.

The only errors (DC or AC) associated
with an ideal N-bit ADC are those
related to the sampling and quantiza-
tion processes. The maximum error an
ideal ADC makes digitizing a DC input
signal is +1/2LSB. Any AC signal
applied to an ideal N-bit ADC will
produce quantization noise whose rms
value (measured over the Nyquist
bandwidth, DC to f5/2) is approximately
equal to the weight of the least signifi-
cant bit (LSB), q, divided by V12. (See
Reference 2). This assumes that the
signal is at least a few LSBs in ampli-
tude so that the ADC output always
changes state. The quantization error
signal from a linear ramp input is
approximated as a sawtooth waveform
with a peak-to-peak amplitude equal to
q, and its rms value is therefore q/V12
(see Figure 4.9).

It can be shown that the ratio of the
rms value of a full scale sinewave to the
rms value of the quantization noise
(expressed in dB) is:

4-10

SNR = 6.02N + 1.76dB,

where N is the number of bits in the
ideal ADC. This equation is only valid if
the noise is measured over the entire
Nyquist bandwidth from DC to fg/2. If
the signal bandwidth, BW, is less than
fy/2, then the SNR within the signal
bandwidth BW is increased because the
amount of quantization noise within
the signal bandwidth is smaller. The
correct expression for this condition is
given by:

SNR = 6.02N +176dB + 1010g( > BW).

The above equation reflects the condi-
tion called oversampling, where the
sampling frequency is higher than
twice the signal bandwidth. The correc-
tion term is often called processing
gain. Notice that for a given signal
bandwidth, doubling the sampling
frequency increases the SNR by 3dB.

Although the rms value of the noise is
accurately approximated q/\/ 12, its
frequency domain content may be
highly correlated to the AC input sig-
nal. For instance, there is greater
correlation for low amplitude periodic
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IDEAL N-BIT ADC QUANTIZATION NOISE
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signals than for large amplitude ran-
dom signals. Quite often, the assump-
tion is made that the theoretical
quantization noise appears as white
noise, spread uniformly over the
Nyquist bandwidth DC to fy/2. Unfortu-
nately, this is not true. In the case of
strong correlation, the quantization
noise appears concentrated at the
various harmonics of the input signal,
just where you don’t want them.

In most applications, the input to the
ADC is a band of frequencies (usually
summed with some noise), so the quan-
tization noise tends to be random. In
spectral analysis applications (or in
performing FFTs on ADCs using spec-
trally pure sinewaves - see Figure
4.10), however, the correlation between

A A L """
N

-

fs

2¢

:I FOR FS SINEWAVE

4.9

the quantization noise and the signal
depends upon the ratio of the sampling
frequency to the input signal. This is
demonstrated in Figure 4.11, where an
ideal 12-bit ADCs output is analyzed
using a 4096-point FFT. In the left-
hand FFT plot, the ratio of the sam-
pling frequency to the input frequency
was chosen to be exactly 32, and the
worst harmonic is about 76dB below
the fundamental. The right hand dia-
gram shows the effects of slightly
offsetting the ratio, showing a relatively
random noise spectrum, where the
SFDR is now about 92dBc. In both
cases, the rms value of all the noise
components is /V12, but in the first
case, the noise is concentrated at har-
monics of the fundamental.

4-11
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DYNAMIC PERFORMANCE ANALYSIS
OF AN IDEAL N-BIT ADC
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Figure 4.10
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Note that this variation in the apparent
harmonic distortion of the ADC is an
artifact of the sampling process and the
correlation of the quantization error
with the input frequency. In a practical
ADC application, the quantization error
generally appears as random noise
because of the random nature of the
wideband input signal and the addi-
tional fact that there is a usually a
small amount of system noise which
acts as a dither signal to further ran-
domize the quantization error spec-
trum. (For further discussions on
dither, see Section 5 of this book).

It is important to understand the above
point, because single-tone sinewave
FFT testing of ADCs is a universally
accepted method of performance evalu-
ation. In order to accurately measure
the harmonic distortion of an ADC,
steps must be taken to ensure that the
test setup truly measures the ADC
distortion, not the artifacts due to
quantization noise correlation. This is
done by properly choosing the fre-
quency ratio and sometimes by inject-

ing a small amount of noise (dither)
with the input signal.

Now, return to Figure 4.11, and note
that the average value of the noise floor
of the FFT is greater than 100dB below
full scale, but the theoretical SNR of a
12-bit ADC is 74dB. The FFT noise
floor is not the SNR of the ADC, be-
cause the FFT acts like an analog
spectrum analyzer with a bandwidth of
fs/M, where M is the number of points
in the FFT, rather than fy/2. The theo-
retical FFT noise floor is therefore
10log1((M/2)dB below the quantization
noise floor due to the so-called process-
ing gain of the FFT (see Figure 4.12).
In the case of an ideal 12-bit ADC with
an SNR of 74dB, a 4096-point FFT
would result in a processing gain of
10log1((4096/2) = 33dB, thereby result-
ing in an overall FFT noise floor of
74+33=107dBc. In fact, the FFT noise
floor can be reduced even further by
going to larger and larger FFTs; just as
an analog spectrum analyzer’s noise
floor can be reduced by narrowing the
bandwidth.

NOISE FLOOR FOR AN IDEAL 12-BIT ADC

USING 4096-POINT FFT
Y _ADCFULLSCALE & o
(dB)
N = 12-BITS
20 | M = 4096
40 - 74dB = 6.02N + 1.76dB
60 1
RMS QUANTIZATION NOISE LEVEL
go [~~~ T e e e 74dB
33dB = 1OIog(IY,_I———)
100 | l SE FLOOR
—_r_——T—-—-_ T ————— 1———‘1~EET~N9L —————— T—- 107dB
fs fg
BIN SPACING = -
4096
Figure 4.12
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Di1STORTION AND NOISE IN PracTICAL ADCsS

A practical sampling ADC (one that has
an integral sample-and-hold), regard-
less of architecture, has a number of
noise and distortion sources as shown
in Figure 4.13. The wideband analog
front-end buffer has wideband noise,
non-linearity, and also finite band-
width. The SHA introduces further non-
linearity, bandlimiting, and aperture
jitter. The actual quantizer portion of
the ADC introduces quantization noise,
and both integral and differential non-

linearity. In this discussion, assume
that sequential outputs of the ADC are
loaded into a buffer memory of length
M and that the FFT processor provides
the spectral output. Also assume that
the FFT arithmetic operations them-
selves introduce no significant errors
relative to the ADC. However, when
examining the output noise floor, the
FFT processing gain (dependent on M)
must be considered.

ADC MODEL SHOWING NOISE AND DISTORTION SOURCES

/ fo ]
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INPUT SAMPLE N TO MEMORY
AD AND ENCODER —7L— —————
c HOLD
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M
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BUFFER M-POINT
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Figure 4.13
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Equivalent Input Referred Noise (Thermal Noise)

The wideband ADC internal circuits
produce a certain amount of wideband
rms noise due to thermal effects. This
noise is present even for DC input
signals, and accounts for the fact that
the output of most wideband ADCs is a
distribution of codes, centered around
the nominal value of a DC input (see
Figure 4.14). To measure its value, the
input of the ADC is grounded, and a
large number of output samples are

collected and plotted as a histogram
(sometimes referred to as a grounded-
input histogram). Since the noise is
approximately Gaussian, the standard
deviation of the histogram is easily
calculated (see Reference 3), corre-
sponding to the effective input rms
noise. It is common practice to express
this rms noise in terms of LSBs, al-
though it can be expressed as an rms
voltage.

HISTOGRAM OF 5000 CONVERSIONS
FOR A DC INPUT SHOWS 5 LSB p-p OR
0.8LSB RMS EQUIVALENT INPUT NOISE

3000

2000

1000

CODE FREQUENCY

(X-2) (X-1)

(X+1) (X+2) (X+3)
CODE

Figure 4.14
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Integral and Differential Non-Linearity

The overall integral non-linearity of an
ADC is due to the integral non-linearity
of the front-end and SHA as well as the
overall integral non-linearity in the
ADC transfer function. However, differ-
ential non-linearity is due exclusively to
the encoding process and may vary
considerably dependent on the ADC
encoding architecture. Overall integral

non-linearity produces distortion prod-
ucts whose amplitude varies as a func-
tion of the input signal amplitude. For
instance, second-order intermodulation
products increase 2dB for every 1dB
increase in signal level, and third-order
products increase 3dB for every 1dB
increase in signal level.

QUANTIFYING ADC DYNAMIC PERFORMANCE

Worst Harmonic

Harmonic Distortion

Total Harmonic Distortion (THD)

Total Harmonic Distortion Plus Noise (THD + N)
Signal-to-Noise-and-Distortion Ratio (SINAD, or S/N +D)
Effective Number of Bits (ENOB)

Signal-to-Noise Ratio (SNR)

Analog Bandwidth (Full-Power, Small-Signal)

Spurious Free Dynamic Range (SFDR)

Two-Tone Intermodulation Distortion

Noise Power Ratio (NPR)

Figure 4.15

The differential non-linearity in the
ADC transfer function produces distor-
tion products which not only depend on
the amplitude of the signal but the
positioning of the differential non-
linearity along the ADC transfer func-
tion. Figure 4.16 shows two ADC
transfer functions containing differen-
tial non-linearity. The left-hand dia-
gram shows an error which occurs at
midscale. Therefore, for both large and
small signals, the signal crosses
through this point producing a distor-
tion product which is relatively inde-

4-16

pendent of the signal amplitude. The
right-hand diagram shows another
ADC transfer function which has differ-
ential non-linearity errors at 1/4 and
3/4 full scale. Signals which are above
1/2 scale peak-to-peak will exercise

- these codes, while those less and 1/2

scale peak-to-peak will not.

The design of most high-speed ADCs is
such that differential non-linearity is
spread across the entire ADC range.
Therefore, for signals which are within
a few dB of full scale, the overall inte-
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ADC DNL ERRORS

CODE

CODE
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Figure 4.16

gral non-linearity of the transfer func-
tion determines the distortion products.
For lower level signals, however, the
harmonic content becomes dominated

1/4FS, 3/4FS DNL

by the differential non-linearities and
does not generally decrease proportion-
ally with decreases in signal amplitude.

Harmonic Distortion, Worst Harmonic, Total Harmonic Distortion (THD),
Total Harmonic Distortion Plus Noise (THD + N)

There are a number of ways to quantify
the distortion of an ADC. An FFT
analysis can be used to measure the
amplitude of the various harmonics of a
signal as shown in Figure 4.17. The
harmonics of the input signal can be
distinguished from other distortion
products by their location in the fre-
quency spectrum. The figure shows a
7MHz input signal sampled at 20MSPS
and the location of the first 9 harmon-
ics. Aliased harmonics of f; fall at
frequencies equal to | tKfg+nf, |, where
n is the order of the harmonic, and K =
0,1,2,3,.... The second and third

harmonics are generally the only ones
specified on a data sheet because they
tend to be the largest, although some
data sheets may specify the value of the
worst harmonic. Harmonic distortion is
normally specified in dBc (decibels
below carrier), although at audio fre-
quencies it may be specified as a per--
centage. Harmonic distortion is
specified with an input signal near full
scale (generally 0.5 to 1dB below full
scale to prevent clipping). For signals
much lower than full scale, other distor-
tion products (not direct harmonics)
may limit performance.

4-17



Hica SPEED DESIGN TECHNIQUES

LOCATION OF HARMONIC DISTORTION PRODUCTS:
INPUT SIGNAL = 7MHz, SAMPLING RATE = 20MSPS

RELATIVE ¢ fa
AMPLITUDE
HARMONICS AT: [£Kfginf,|
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L ]
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Figure 4.17

Total harmonic distortion (THD) is the

ratio of the rms value of the fundamen-
tal signal to the mean value of the root-
sum-square of its harmonics (generally,
only the first 5 are significant). THD of
an ADC is also generally specified with
the input signal close to full scale.

Total harmonic distortion plus noise
(THD+ N) is the ratio of the rms value

of the fundamental signal to the mean
value of the root-sum-square of its
harmonics plus all noise components
(excluding DC). The bandwidth over
which the noise is measured must be
specified. In the case of an FFT, the
bandwidth is DC to fy/2. (If the band-
width of the measurement is DC to £/2,
THD+N is equal to SINAD - see below).

Signal-to-Noise-and-Distortion Ratio (SINAD), Signal-to-Noise Ratio (SNR),

and Effective Number of Bits (ENOB)

SINAD and SNR deserve careful atten-
tion, because there is still some varia-
tion between ADC manufacturers as to
their precise meaning. Signal-to-noise-
and Distortion (SINAD, or S/N+D) is
the ratio of the rms signal amplitude to
the mean value of the root-sum-square
(RSS) of all other spectral components,
including harmonics, but excluding DC.
SINAD is a good indication of the over-
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all dynamic performance of an ADC as
a function of input frequency because it
includes all components which make up
noise (including thermal noise) and
distortion. It is often plotted for various
input amplitudes. SINAD is equal to
THD+N if the bandwidth for the noise

measurement is the same. A typical
plot for the AD9220 12-bit, 10MSPS

VILD LAV did\) AT WA Vy AT ATARIA

ADC is shown in Figure 4. 19
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SINAD, ENOB, AND SNR

B SINAD (Signal-to-Noise-and-Distortion Ratio):
The ratio of the rms signal amplitude to the mean value of
the root-sum-squares (RSS) of all other spectral components,
including harmonics, but excluding DC

B ENOB (Effective Number of Bits):

SINAD -1.76dB
6.02

ENOB =

B SNR (Signal-to-Noise Ratio, or Signal-to-Noise Ratio
Without Harmonics):

The ratio of the rms signal amplitude to the mean value of
the root-sum-squares (RSS) of all other spectral components,
excluding the first 5 harmonics and DC

Figure 4.18 n

AD9220 12-BIT, 10MSPS ADC SINAD AND ENOB
VS. INPUT FREQUENCY FOR SAMPLING RATE = 10MSPS:
SINGLE-ENDED DRIVE, Vcm = +2.5V, INPUT SPAN = 2V p-p
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Figure 4.19
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The SINAD plot shows where the AC
performance of the ADC degrades due
to high-frequency distortion and is
usually plotted for frequencies well
above the Nyquist frequency so that
performance in undersampling applica-
tions can be evaluated. SINAD is often
converted to effective-number-of-bits
(ENOB) using the relationship for the
theoretical SNR of an ideal N-bit ADC:
SNR = 6.02N + 1.76dB. The equation is
solved for N, and the value of SINAD is
substituted for SNR:

SINAD -1.76dB

ENOB =
6.02

Analog Bandwidth

The analog bandwidth of an ADC is
that frequency at which the spectral
output of the fundamental swept fre-
quency (as determined by the FFT
analysis) is reduced by 3dB. It may be
specified for either a small signal
(SSBW- small signal bandwidth), or a
full scale signal (FPBW- full power
bandwidth), so there can be a wide
variation in specifications between
manufacturers.

Like an amplifier, the analog band-
width specification of a converter does

Signal-to-noise ratio (SNR, or SNR-
without-harmonics) is calculated the .
same as SINAD except that the signal
harmonics are excluded from the calcu-
lation, leaving only the noise terms. In
practice, it is only necessary to exclude
the first 5 harmonics since they domi-
nate. The SNR plot will degrade at high
frequencies also, but not as rapidly as
SINAD because of the exclusion of the
harmonic terms.

Many current ADC data sheets some-
what loosely refer to SINAD as SNR, so
the engineer must be careful when
interpreting these specifications.

not imply that the ADC maintains good
distortion performance up to its band-
width frequency. In fact, the SINAD (or
ENOB) of most ADCs will begin to
degrade considerably before the input
frequency approaches the actual 3dB
bandwidth frequency. Figure 4.20
shows ENOB and full scale frequency
response of an ADC with a FPBW of
1MHz, however, the ENOB begins to
drop rapidly above 100kHz.
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ADC GAIN (BANDWIDTH) AND ENOB VERSUS FREQUENCY
SHOWS IMPORTANCE OF ENOB SPECIFICATION

FPBW = MHz
GAIN (FS INPUT) |
' GAIN
|
|
ENOB (FS INPUT)
ENOB
ENOB (-20dB INPUT)
Il 1 | | i
10 100 1K 10k 100k M 10M

ADC INPUT FREQUENCY (Hz2)

Figure 4.20 n

Spurious Free Dynamic Range (SFDR)

Probably the most significant specifica- falls several dB below full scale, other

tion for an ADC used in a communica- spurs generally occur which are not
tions application is its spurious free direct harmonics of the input signal.
dynamic range (SFDR). The SFDR This is because of the differential non-

specification is to ADCs what the third linearity of the ADC transfer function
order intercept specification is to mixers as discussed earlier. Therefore, SFDR
and LNAs. SFDR of an ADC is defined considers all sources of distortion,

as the ratio of the rms signal amplitude regardless of their origin.

to the rms value of the peak spurious

spectral content (measured over the The AD9042 is a 12-bit, 41MSPS
entire first Nyquist zone, DC to f5/2). wideband ADC designed for communi-
SFDR is generally plotted as a function cations applications where high SFDR
of signal amplitude and may be ex- is important. The SFDR for a 19.5MHz
pressed relative to the signal amplitude input and a sampling frequency of
(dBc) or the ADC full scale (dBFS). 41MSPS is shown in Figure 4.21. Note
that a minimum of 80dBc SFDR is
For a signal near full scale, the peak obtained over the entire first Nyquist
spectral spur is generally determined zone (DC to 20MHz). The plot also

by one of the first few harmonics of the shows SFDR expressed as dBFS.
fundamental. However, as the signal

4-21
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AD9042 12-BIT, 41MSPS ADC
SFDR VS. INPUT POWER LEVEL
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Figure 4.21

SFDR is generally much greater than
the ADCs theoretical N-bit SNR (6.02N
+ 1.76dB). For example, the AD9042 is
a 12-bit ADC with an SFDR of 80dBc
and a typical SNR of 65dBc (theoretical
SNR is 74dB). This is because there is a
fundamental distinction between noise

Two Tone Intermodulation Distortion

Two tone IMD is measured by applying
two spectrally pure sinewaves to the
ADC at frequencies f1 and f2, usually
relatively close together. The amplitude
of each tone is set slightly more than
6dB below full scale so that the ADC
does not clip when the two tones add in-
phase. The location of the second and
third-order products are shown in
Figure 4.22. Notice that the second-
order products fall at frequencies which
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and distortion measurements. The
process gain of the FFT (33dB for a
4096-point FFT) allows frequency spurs
well below the noise floor to be ob-
served. Adding extra resolution to an
ADC may serve to increase its SNR but
may or may not increase its SFDR.

can be removed by digital filters. How-
ever, the third-order products 2{2—f1
and 2f1-f2 are close to the original
signals and are more difficult to filter.
Unless otherwise specified, two-tone
IMD refers to these third-order prod-
ucts. The value of the IMD product is
expressed in dBc relative to the value of
either of the two original tones, and not
to their sum.
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SECOND AND THIRD-ORDER INTERMODULATION
PRODUCTS FOR f1 = 5MHz, f2=6MHz

f

@ = SECOND ORDER IMD PRODUCTS
2 @ = THIRD ORDER IMD PRODUCTS

NOTE: f1 = 5MHz, f2 =6MHz
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Figure 4.22

Note, however, that if the two tones are
close to fy/4, then the aliased third
harmonic of the fundamental can make
the identification of the actual 2{2—f1
and 2f1—2 products difficult. Similarly,
if the two tones are close to fy/3, the
aliased second harmonic may interfere
with the measurement.

The concept of second and third-order
intercept points is not valid for an ADC,
because the distortion products do not
vary in a predictable manner (as a
function of signal amplitude). The ADC
does not gradually begin to compress
signals approaching full scale (there is

no 1dB compression point), it acts as a
hard limiter as soon as the signal
exceeds the ADC input range, thereby
suddenly producing extreme amounts of
distortion because of clipping.

On the other hand, for signals much
below full scale, the distortion floor
remains relatively constant and is
independent of signal level. This is
illustrated in Figure 4.283 for the
AD9042, where two-tone SFDR is
plotted as a function of signal level. The
plot indicates that the distortion floor
ranges from 85 to 90dBF'S regardless of
the input signal amplitude.

4-23
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AD9042 12-BIT, 41MSPS ADC TWO-TONE SFDR

100
g 90 \\ dBFS
b

80
o S
b4 L
s ///x
o 70 > Gy
o o
T oo | ENCODE = 41 MSPS par
® F1 = 19.3MHz //
3 50 |— F2 = 19.51MHz v B
I dBc R
;5_40 .- SFDR = 80dB
] . REFERENCE LINE
w / -~
2 30 7 ',.‘
o .
= 20 —
s
= 10

%0 70 -s0 50 -40 30 -20 -10 0

INPUT POWER LEVEL (F1 = F2) -~ dBFS

Figure 4.23

Noise Power Ratio (NPR)

Noise power ratio testing has been used
extensively to measure the transmis-
sion characteristics of Frequency Divi-
sion Multiplexed (FDM)
communications links (see Reference 4).
In a typical FDM system, 4kHz wide
voice channels are “stacked” in fre-
quency bins for transmission over
coaxial, microwave, or satellite equip-
ment. At the receiving end, the FDM
data is demultiplexed and returned to
4kHz individual baseband channels. In
an FDM system having more than
approximately 100 channels, the FDM
signal can be approximated by
Gaussian noise with the appropriate
bandwidth. An individual 4kHz channel
can be measured for “quietness” using a
narrow-band notch (bandstop) filter
and a specially tuned receiver which
measures the noise power inside the
4kHz notch (see Figure 4.24).
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Noise Power Ratio (NPR) measure-
ments are straightforward. With the
notch filter out, the rms noise power of
the signal inside the notch is measured
by the narrowband receiver. The notch
filter is then switched in, and the
residual noise inside the slot is mea-
sured. The ratio of these two readings
expressed in dB is the NPR. Several
slot frequencies across the noise band-
width (low, midband, and high) are
tested to characterize the system ad-
equately. NPR measurements on ADCs
are made in a similar manner except
the analog receiver is replaced by a
buffer memory and an FFT processor.

NPR is usually plotted on an NPR
curve. The NPR is plotted as a function
of rms noise level referred to the peak -
range of the system. For very low noise
loading level, the undesired noise (in
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non-digital systems) is primarily ther-
mal noise and is independent of the
input noise level. Over this region of the
curve, a 1dB increase in noise loading
level causes a 1dB increase in NPR. As
the noise loading level is increased, the
amplifiers in the system begin to over-
load, creating intermodulation products
which cause the noise floor of the sys-
tem to increase. As the input noise
increases further, the effects of “over-
load” noise predominate, and the NPR
is reduced dramatically. FDM systems
are usually operated at a noise loading
level a few dB below the point of maxi-
mum NPR.

In a digital system containing an ADC,
the noise within the slot is primarily
quantization noise when low levels of
noise input are applied. The NPR curve
is linear in this region. As the noise
level increases, there is a one-for-one
correspondence between the noise level
and the NPR. At some level, however,
“clipping” noise caused by the hard-
limiting action of the ADC begins to
dominate. A theoretical curve for 10,
11, and 12-bit ADCs is shown in Figure
4.25 (see Reference 5). Peak NPR and
corresponding loading levels are shown
in Figure 4.26.

NOISE POWER RATIO (NPR) MEASUREMENTS

_/o_-———
GAUSSIAN LPE NOTCH
s?‘é%lggE FILTER
GAUSSIAN
NOISE LPF NoTen
SOURCE
4
RMS
NOISE
LEVEL
(dB)
%

TRANSMISSION | ___INARROWBAND
SYSTEM RECEIVER
N BUFFER
MEMORY
ADC 4 AND FFT
PROCESSOR

FREQUENCY

Figure 4.24
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THEORETICAL NPR FOR 10, 11, 12-BIT ADCs

NPR | ADCRANGE =#Vq
(dB) ~———62.7dB
=Yo
60+ K=
o =RMS NOISE LEVEL
———-57.1dB
55 -+
———51.6dB
50 4
43 s : : :
-30 25 20 A5 -10
RMS NOISE LOADING LEVEL = -20log(k) dB
Figure 4.25
THEORETICAL NPR SUMMARY
BITS k OPTIMUM k(dB) MAX NPR (dB)
8 3.92 11.87 40.60
9 4.22 12.50 46.05
10 4.50 13.06 51.56
11 4.76 13.55 57.12
12 5.01 14.00 62.71
13 5.26 14.41 68.35
14 5.49 ' 14.79 74.01
15 5.72 15.15 79.70
16 5.94 15.47 85.40

ADC Range = 1Vq
k=Vol/G
o = RMS Noise Level

Figure 4.26
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In multi-channel high frequency com-
munication systems, NPR can also be
used to simulate the distortion caused
by a large number of individual chan-
nels, similar to an FDM system. A
notch filter is placed between the noise
source and the ADC, and an FFT
output is used in place of the analog
receiver. The width of the notch filter is
set for several MHz as shown in Figure

4.27 for the AD9042. NPR is the
“depth” of the notch. An ideal ADC will
only generate quantization noise inside
the notch, however a practical one has
additional noise components due to
intermodulation distortion caused by
ADC non-linearity. Notice that the NPR
is about 60dB compared to 62.7dB
theoretical.

AD9042 12-BIT, 41MSPS ADC NPR
MEASURES 60dB (62.7dB THEORETICAL)

0

l I !
ENCODE = 41 MSPS ]
AIN = BROADBAND_NOISE

............................................
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1
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[=X
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Figure 4.27

Aperture Jitter and Aperture Delay

Another reason that the SNR of an
ADC decreases with input frequency
may be deduced from Figure 4.28,
which shows the effects of phase jitter
(or aperture time jitter) on the sam-
pling clock of an ADC (or internal in the
sample-and-hold). The phase jitter
causes a voltage error which is a func-

tion of slew rate and results in an
overall degradation in SNR as shown in
Figure 4.29. This is quite serious,
especially at higher input/output fre-
quencies. Therefore, extreme care must
be taken to minimize phase noise in the
sampling/reconstruction clock of any
sampled data system. This care must
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extend to all aspects of the clock signal:
the oscillator itself (for example, a 555
timer is absolutely inadequate, but
even a quartz crystal oscillator can give
problems if it uses an active device
which shares a chip with noisy logic);
the transmission path (these clocks are
very vulnerable to interference of all
sorts), and phase noise introduced in
the ADC or DAC. A very common
source of phase noise in converter

circuitry is aperture jitter in the inte-
gral sample-and-hold (SHA) circuitry.

A decade or so ago, sampling ADCs
were built up from a separate SHA and
ADC. Interface design was difficult, and
a key parameter was aperture jitter in
the SHA. Today, most sampled data
systems use sampling ADCs which
contain an integral SHA. The aperture
jitter of the SHA may not be specified

EFFECTS OF APERTURE AND SAMPLING CLOCK JITTER

AV =dv At
ANALOG dt
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dv
v _ = APERTURE JITTER ERROR
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— T T — — (NOMINAL
| HELD
-+ — — — — — (output
Bl A
| |
| -
— | <~ Atgyg = APERTURE JITTER
|
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| N
TRACK N |
Figure 4.28

as such, but this is not a cause of con-
cern if the SNR or ENOB is clearly
specified, since a guarantee of a specific
SNR is an implicit guarantee of an
adequate aperture jitter specification.
However, the use of an additional high-
performance SHA will sometimes
improve the high-frequency ENOB of a
even the best sampling ADC by pre-
senting “DC” to the ADC, and may be
more cost-effective than replacing the
ADC with a more expensive one.

It should be noted that there is also a
fixed component which makes up the
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ADC aperture time. This component,
usually called effective aperture delay
time, does not produce an error. It
simply results in a time offset between
the time the ADC is asked to sample
and when the actual sample takes place
(see Figure 4.30), and may be positive
or negative. The variation or tolerance
placed on this parameter from part to
part is important in simultaneous
sampling applications or other applica-
tions such as I and Q demodulation
where two ADCs are required to track
each other.
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SNR DUE TO APERTURE AND SAMPLING CLOCK JITTER
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Figure 4.30
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HicH SPEED ADC ARCHITECTURES

Successive Approximation ADCs

The successive approximation (SAR)
ADC architecture has been used for
decades and is still a popular and cost
effective form of converter for sampling
frequencies of 1IMSPS or less. A simpli-
fied block diagram of a SAR ADC is
shown in Figure 4.31. On the

START CONVERT command, all the bits
of the successive approximation register
(SAR) are reset to “0” except the MSB
which is set to “1”. Bit 1 is then tested in
the following manner: If the DAC output
is greater than the analog input, the

MSB is reset, otherwise it is left set.
The next most significant bit is then
tested by setting it to “1”. If the DAC
output is greater than the analog
input, this bit is reset, otherwise it is
left set. The process is repeated with
each bit in turn. When 2all the bits
have been set, tested, and reset or not
as appropriate, the contents of the
SAR correspond to the digital value of
the analog input, and the conversion
is complete.

SUCCESSIVE APPROXIMATION ADC

ANALOG COMPARATOR EOC OR
INPUT DRDY
1 SHA 3 Ruthud B
j:
SAR*
START
L CONVERT
DAC 747 A
*SUCCESSIVE
APPROXIMATION
REGISTER
DIGITAL
OUTPUT
Figure 4.31

An N-bit conversion takes N steps. It
would seem on superficial examination
that a 16-bit converter would have a
conversion time that is twice as long as
an 8-bit one, but this is not the case. In

an 8-bit converter, the DAC must settle
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to 8-bit accuracy before the bit deci-
sion is made, whereas in a 16-bit
converter, it must settle to 16-bit
accuracy, which takes a lot longer. In
practice, 8-bit successive approxima-
tion ADCs can convert in a few hun-
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dred nanoseconds, while 16-bit ones
will generally take several microsec-
onds.

The classic SAR ADC is only a quan-
tizer: no sampling takes place, and for
an accurate conversion, the input must
remain constant for the entire conver-
sion period. Most modern SAR ADCs
are sampling types and have an inter-
nal sample-and-hold so that they can
process AC signals. They are specified
for both AC and DC applications. A
SHA is required in a SAR ADC because
the signal must remain constant during
the entire N-bit conversion cycle.

The accuracy of a SAR ADC depends
primarily on the accuracy (differential
‘and integral linearity, gain, and offset)
of the internal DAC. Until recently, this
accuracy was achieved using laser
trimmed thin film resistors. Modern
SAR ADCs utilize CMOS switched
capacitor charge redistribution DACs.
This type of DAC depends on the accu-
rate ratio matching and stability of on-
chip capacitors rather than thin film

Flash Converters

Flash ADCs (sometimes called parallel
ADCs) are the fastest type of ADC and
use large numbers of comparators. An
N-bit flash ADC consists of 2N resistors
and 2N-1 comparators arranged as in
Figure 4.32. Each comparator has a
reference voltage which is 1 LSB higher
than that of the one below it in the
chain. For a given input voltage, all the
comparators below a certain point will
have their input voltage larger than
their reference voltage and a “1” logic

resistors. For resolutions greater than
12-bits, on-chip autocalibration tech-
niques using an additional calibration
DAC and the accompanying logic can
accomplish the same thing as thin film
laser trimmed resistors, at much less
cost. Therefore, the entire ADC can be
made on a standard sub-micron CMOS
process.

The successive approximation ADC has
a very simple structure, is low power,
and has reasonably fast conversion
times (<1MSPS). It is probably the
most widely used ADC architecture,
and will continue to be used for medium
speed and medium resolution applica-
tions.

Current 12-bit SAR ADCs achieve
sampling rates up to about 1MSPS, and
16-bit ones up to about 300kSPS.
Examples of typical state-of-the-art
SAR ADCs are the AD7892 (12-bits at
600kSPS), the AD976/977 (16-bits at
100kSPS), and the AD7882 (16-bits at
300kSPS).

output, and all the comparators above
that point will have a reference voltage
larger than the input voltage and a “0”
logic output. The 2N-1 comparator
outputs therefore behave in a way
analogous to a mercury thermometer,
and the output code at this point is
sometimes called a thermometer code.
Since 2N-1 data outputs are not really
practical, they are processed by a
decoder to an N-bit binary output.
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FLASH OR PARALLEL ADC
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Figure 4.32

The input signal is applied to all the
comparators at once, so the thermom-
eter output is delayed by only one
comparator delay from the input, and
the encoder N-bit output by only a few
gate delays on top of that, so the pro-
cess is very fast. However, the architec-
ture uses large numbers of resistors
and comparators and it limited to low
resolutions, and if it is to be fast, each
comparator must run at relatively high
power levels. Hence, the problems of
flash ADCs include limited resolution,
high power dissipation because of the
large number of high speed compara-
tors (especially at sampling rates
greater than 50MSPS), and relatively
large (and therefore expensive) chip
sizes. In addition, the resistance of the
reference resistor chain must be kept
low to supply adequate bias current to
the fast comparators, so the voltage
reference has to source quite large

currents (>10 mA).
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In practice, flash converters are avail-
able up to 10-bits, but more commonly
they have 8-bits of resolution. Their
maximum sampling rate can be as high
as 500 MSPS, and input full-power
bandwidths in excess of 300 MHz.

But as mentioned earlier, full-power
bandwidths are not necessarily
full-resolution bandwidths. Ideally, the
comparators in a flash converter are
well matched both for DC and AC
characteristics. Because the strobe is
applied to all the comparators simulta-
neously, the flash converter is inher-
ently a sampling converter. In practice,
there are delay variations between the
comparators and other AC mismatches
which cause a degradation in ENOB at
high input frequencies. This is because
the inputs are slewing at a rate compa-
rable to the comparator conversion
time.
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The input to a flash ADC is applied in
parallel to a large number of compara-
tors. Each has a voltage-variable junc-
tion capacitance, and this
signal-dependent capacitance resu